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Miniature High-() Double-Spiral
Slot-Line Resonator Filters

Reza Azadegan, Student Member, IEEE, and Kamal Sarabandi, Fellow, IEEE

Abstract—A new class of low insertion-loss miniaturized filters
using slot-line resonators is proposed. Miniaturization is achieved
by terminating the slot line with a double-spiral inductive termina-
tion at both ends. Using this miniaturized resonator, both positive
and negative couplings may be realized, and therefore, both stan-
dard coupled-line and cross-coupled quasi-elliptic filters are realiz-
able. The unloaded Q of these slot-line filters is considerably higher
than that of miniaturized microstrip filters of comparable dimen-
sions due to the inherent higher Q of the slot line. To demonstrate
the validity of the design procedures and the performance charac-
teristics, two different types of filters were fabricated and tested.
One is a four-pole Chebyshev filter and the other is a quasi-elliptic
filter where, in each case, the full-wave simulations show very good
agreement with measurements.

Index Terms—Microstrip filters, microwave filters, miniaturized
filters, quasi-elliptic filters, slot-line filters.

1. INTRODUCTION

OBILE wireless systems of various kinds have been the
driving force behind substantial research efforts toward
miniaturizing RF front ends. High-(@) low insertion-loss minia-
turized filters are important requirements. A few approaches in
the literature address filter miniaturization, among which are
the use of lumped-element filters, high temperature supercon-
ducting (HTS) filters, bulk acoustic-wave (BAW) filters, and
slow-wave distributed resonator filters [1]-[4].
Lumped-element filters can be made very small at lower fre-
quencies. At higher frequencies, however, their extremely small
size may result in high insertion loss and possibly low power-
handling capacity. To cope with the insertion-loss problem, HTS
filters have been proposed. BAW filters also have exceptionally
small size and quite good performance, but may be extremely
expensive to develop for any new application. These two classes
of filters are not further considered in this paper, the subject of
which is to introduce a new type of high-() coiled slot-line res-
onator with comparison to the microstrip. On the other hand,
conventional distributed element filters using coupled transmis-
sion-line resonators exhibit superior performance, but are fre-
quently too large.
In order to reach a compromise between size and per-
formance, some compact architectures have been proposed.
The size reduction of ordinary microstrip line resonators, for

Manuscript received December 1, 2003.

The authors are with the Radiation Laboratory, Department of Electrical
Engineering and Computer Science, The University of Michigan at Ann
Arbor, Ann Arbor, MI 48109-2122 USA (e-mail: azadegan @eecs.umich.edu;
saraband @eecs.umich.edu).

Digital Object Identifier 10.1109/TMTT.2004.827044

example, was made possible first by employing microstrip
stepped-impedance resonators (SIRs) [5], [6] and then by
using hairpin-line resonators [7]. A more compact hairpin
filter using split-ring resonators with parallel coupled lines was
later proposed [8]. This resonator is a capacitively end-loaded
hairpin resonator where the loading is implemented by dis-
tributed coupled lines. The loaded hairpin resonator, together
with the SIR, resulted in an improved hairpin resonator [9].
Incorporating dissimilar resonators in filter designs has also
been reported [9].

Another form of resonator, which is similar to the above
hairpin resonators, utilizes square open loops [10]. To further
reduce size, the open-loop structure can be modified by intro-
ducing a narrow capacitive gap at the open end of the loop [11].
The same authors suggested an aperture coupled two-layer
filter design using the same type of resonator [12]. Using the
two sides of the substrate provides additional miniaturization.
In both loaded open-loop and loaded hairpin resonators, electric
and magnetic coupling can be implemented, which allows for
the flexible design of many structures, such as quasi-elliptic
filters.

Slot lines and coplanar waveguides (CPWs) are other impor-
tant configurations for the realization of resonators and filters.
In the early 1970s, slot transmission lines were shown to be
a practical configuration for the realization of microwave fil-
ters and couplers [13], but more attention has been devoted to
CPW filters [14]-[16]. Also known as uniplanar configurations,
slot and CPWs are fundamental to many microwave and mil-
limeter-wave integrated circuits [17], [18]. With regard to CPW
filter miniaturization, the use of quarter-wave transmission-line
resonators, e.g., a A/4 CPW hairpin resonator [19], meandered
superconducting CPW filters [20], double-surface CPW filters
[21], and air-bridge capacitive loadings have been proposed.
Additionally, the periodic loading of CPW lines has been sug-
gested to construct a slow-wave transmission line and has been
used in the fabrication of a miniature low-pass filter [22].

In contrast, the literature concerning the use of slot lines for
filter design and filter miniaturization is rather sparse [23]. The
Q of slot-line resonators is higher than that of microstrip res-
onators of similar dimensions due to the fact that the stored en-
ergy in the resonator is confined within a larger volume and that
the electric current flows over a wider area, which translates into
lower ohmic losses. Actually, slot lines are comparable to sus-
pended substrate strip lines, which also have higher ) than mi-
crostrips due to the larger volume occupied by the stored energy.

In this paper, new filter architectures based on a miniaturized
slot line with double-spiral inductive terminations are proposed.

0018-9480/04$20.00 © 2004 IEEE
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Fig. 1. Proposed miniaturized resonator capacitively coupled at 400 MHz with
asymmetric end loadings.

Both electric and magnetic couplings are achievable by appro-
priate geometric layout of the miniaturized resonators, enabling
quasi-elliptic filters to be designed.

II. MINIATURIZED SLOT-LINE RESONATOR TOPOLOGY

Recently, the authors proposed a highly efficient miniatur-
ized slot antenna using a resonant slot-line geometry [24]. Com-
paring this slot antenna with its complementary printed strip
counterpart shows a considerable increase in the antenna effi-
ciency mainly due to lower ohmic losses [25]. Thus, miniatur-
ized slot-line resonators may be expected to exhibit higher @
than their microstrip versions.

Fig. 1 shows the geometry of the miniaturized slot-line res-
onator with double-spiral inductive terminations. The very com-
pact inductive end loading is realized by coiled shorted slot
lines, each with a length smaller than a quarter-wavelength.
This resonator exhibits a superior miniaturization factor and is
capable of generating electric, magnetic, and mixed coupling
mechanisms.

To assess the performance of the miniature slot-line res-
onators, a capacitively coupled miniaturized resonator, as
shown in Fig. 1, was fabricated on a 0.787-mm-thick Duroid
substrate with a dielectric constant of ¢, = 2.2 and a loss
tangent of tan 6 = 0.0009." The same substrate is used for the
rest of the designs presented in this paper to give direct compar-
isons. A low-permittivity substrate was used to minimize the
effects of dielectric loading on miniaturization. The resonator
of Fig. 1 is designed to operate at 400 MHz and fits within
a rectangular area with dimensions 0.06Ag x 0.03)\g. The
unloaded @ can be found using a single-port impedance/admit-
tance measurement technique referred to as the critical-point
method [26]. The unloaded ) of the miniaturized resonator
at 400 MHz was measured to be ()9 ~ 210, which compares
favorably with the () of miniaturized hairpin resonators [8],
while being about an order of magnitude smaller in area.

IRT/Duroid 5880, Adv. Circuit Mat. Div., Rogers Corporation, Chandler, AZ.
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TABLE 1
EFFECT OF THE SLOT-TO-STRIP WIDTH (s/w) ON THE UNLOADED () OF
THE MINIATURIZED SLOT-LINE RESONATOR

s/w 02 | 033 | 05 1.0
folGHz] | 229 | 237 | 245 | 2.605
Qo 120 140 195 173

y [mm]

0 3 6 9 12 15 18
X [mm]

Fig. 2. Miniaturized slot-line resonator topology with different ratios of
slot-to-strip width (s/w).

Using the relationship [1]
Q=Kb\f o))

where b is a linear dimension of the resonator, and K is a con-
stant defined as a figure-of-merit, a better comparison can be
made between miniature slot-line and microstrip resonators. For
microstrip resonators, b is defined as the substrate thickness,
while for the slot resonators, b represents the slot width. In-
voking (1), the figure-of-merit constant K is found to be K =
100 for the miniaturized hairpin resonator [8], and K = 330 for
the slot-line resonator of Fig. 1.

The ohmic loss of the CPW lines and slot lines is drastically
affected by the width of the slot or, equivalently, the impedance
of the line [13]. At resonance, the electric current distribution
on the ground plane around the slot has a higher concentration
near the edges. By making the slot wider, the peak of the cur-
rent at the edges is reduced, and a smoother current distribution
away from the slot edges is obtained. Lower current distribu-
tion at the edges translates into lower ohmic losses. In order to
obtain the best g, for a given resonator, the width of the slot
line may be optimized. Table I compares the unloaded @) of the
proposed miniaturized resonator topology with a number of dif-
ferent slot-line widths (see Fig. 2). In this study, the overall size
of the resonator is fixed while (s/w), i.e., the ratio of the slot
width (s) to the adjacent metallic strip width (w), is varied as a
parameter. For the proposed miniaturized double-spiral slot res-
onator, the width of the metallic strips should be approximately
twice the width of the adjacent slots (s/w = 0.5). Fig. 3 shows
an optimized miniaturized resonator at 2.45 GHz with approx-
imately the same size as the previous resonator relative to the
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Fig. 3.

Optimized miniature resonator at 2.45 GHz.

wavelength, namely, 0.03\g x 0.06\g. The unloaded @ is found
to be Qg =~ 195. A comparison of the @ of this resonator with
that of the scaled version of the resonator in Fig. 1 (shown in
Table I with s/w = 0.2) exhibits a considerable improvement
due to the effect of slot-line impedance on reducing the ohmic
losses of the resonator. The figure-of-merit constant K for the
optimized miniature resonator with (s/w = 0.5) at 2.4 GHz can
be obtained from (1) as K = 600, which is four times higher
than that of a half-wave microstrip resonator.

It is worth mentioning that (1) indicates that the () of a given
resonator increases as /f. However, there is a limitation on the
maximum value of the linear dimension b, which is inversely
proportional to frequency. Hence, if one compares resonators
having the maximum possible values of b, one can define an
available (), which decreases by the square root of frequency.

To measure the radiation loss of the resonator, it was enclosed
in a larger metallic cavity, and its Q was measured to be Qf, =
265. Therefore, the () due to the radiation loss can be obtained
from

111
Qrad QO Q6

giving Q;oq ~ 808. This result indicates that the ) of the res-
onator is dominated by the ohmic and dielectric losses.

Here, only measurement has been used to identify the quality
factor of the proposed resonators since a numerical estimate of
Q for the miniaturized resonators does not provide very accurate
results. For example, the finite-element method (FEM) would
require enormous amounts of memory and extremely small cell
sizes due to the very large ratio of fine and coarse features of
the structure. On the other hand, full-wave methods based on
integral equations [method of moments (MoM)] make use of
the Green’s function for multilayer structures of infinite extent.
Hence, ground planes and substrates of finite size cannot be
modeled efficiently. The equivalent magnetic-current method,
however, provides a numerically efficient approach for the simu-
lation of slotted structures. In this approach, the tangential elec-
tric field over the slot is replaced with an equivalent magnetic
current, while the field is assumed to vanish over the ground
plane. This assumption implies that the ground plane is a per-
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Electric coupling

co Lo :—c;——cg_: 0 Co
D—H———’UWJ—H—IA—‘H—HW—W*G
| oo |
L
(a)

Magnetic coupling

co LO I -Cg Lg +g -Cg I LO Cco
D I—fWS\JI—i HT—=d
| g :
! |
|
L _ T Co____I

Fig. 4. Equivalent-circuit model of coupled miniaturized resonators
exhibiting: (a) electric coupling, (b) magnetic coupling, and (c) mixed
coupling.

fect conductor, and therefore, the ohmic loss cannot be mod-
eled in this case. Obviously, the ground plane of the slot-line
resonators under study is neither a perfect conductor, nor is it
extended to infinity. Despite the aforementioned drawbacks of
the integral-equation method, such as [27], it can predict the fre-
quency response of the filters very accurately with the exception
of the insertion loss.

III. DIRECT COUPLED FOUR-POLE FILTER

To demonstrate the versatility of the proposed miniaturized
resonators to design different types of filters, we begin with the
design of direct coupled bandpass filters.

A. Coupling Structures

For the case of capacitively coupled miniaturized slot res-
onators, the resonators have a series equivalent circuit model.
Fig. 4 illustrates the equivalent circuit of two coupled miniatur-
ized resonators exhibiting electric, magnetic, and mixed cou-
plings, all realized by an impedance (K') inverter.

In order to realize the desired values for the coupling co-
efficients, there are differing coupling configurations. In each
of these configurations, the coupling coefficients may be ex-
tracted using the pole-splitting method [10] in conjunction with
full-wave simulations [27]. Given that f,, and f; are the frequen-
cies at which the S5; reaches its peak values, the coupling co-
efficients can be obtained from

k= 3 - f 12 ]
2+ 1
In the case of the pure electric or magnetic couplings whose
appropriate circuit models are shown in Fig. 4(a) and (b)

3

C
ke = =2 (electric coupling)
Cy
Lg . .
km = I. (magnetic coupling). ()]
0
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Configuration A
0.05 T
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Coupling coefficients
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Coupling distance (4, ) [mm]

Fig. 5. Extracted coupling coefficients for a back-to-back coupling
configuration A as a function of the horizontal separation Ax for two different
values of vertical offsets Ay.

Note that, in the case of electric coupling, the capacitance
to ground C, of the impedance inverter is formed by the rel-
atively wide ground-plane region of length Az between the
two resonators shown in Fig. 5. Since the inverter impedance
is K = 1/(woCy), a larger Az gives a larger Cy, and the in-
verter impedance becomes smaller. Note that the coupling co-
efficient is proportional to K in the series representation [28],
which is consistent with the looser coupling requirement as Cj,
and Az increase. Also note that C; relates only to the K inverter
impedance and is unrelated to the mutual capacitance between
the resonators.

Mixed coupling may also be represented by an impedance
invertor, as shown in Fig. 4(c). Since usually Cy <« C, and
L, < Ly, the coupling coefficient for the mixed coupling can
be simplified as
_ LoCo - L,Cy Ly Gy

290 h = ke (5)

fooy = 20207 2979
L,Co—LoC, L, C,

Equation (5) indicates that, for mixed coupling, the electric and
magnetic coupling are out-of-phase and tend to counteract each
other. Examining the mixed coupling more closely, it becomes
clear that, at the frequency of w,, = 1/, /Lq Cy, the two res-
onators in Fig. 4(c) become decoupled, and a zero in the pass-
band is introduced. For dominant electric coupling where k. >
km

L - 6
>wog:>wn>w0—\/ﬁ. (6)
Likewise, when the magnetic coupling is dominant, the zero
appears below the passband, i.e., w, < wp .

In order to design the first Chebyshev sample design, two
different coupling configurations are investigated. These con-
figurations are identified according to the mutual orientation
of the two resonators with respect to each other. The first cou-
pling configuration, henceforth referred to as configuration A,
is one in which the resonators are positioned back-to-back, as
shown in Fig. 5. The coupling coefficient (k) is calculated from
(3) and is plotted as a function of the horizontal distance be-
tween the resonators (Ax) for two different values of vertical

ng()
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Fig. 6. Extracted coupling coefficients for configuration B (face-to-face
arrangement) as a function of horizontal separation Az for two different values
of vertical offsets Ay.
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Fig. 7. Comparison between dominantly magnetic (configuration A) and

dominantly electric (configuration B) for the same overall coupling coefficient.
(Note the locations of zeros.)

offsets (Ay). Fig. 6 shows a face-to-face coupling arrangement
and its calculated coupling coefficients, henceforth referred to
as configuration B.

Since the proposed resonators are very compact and in close
proximity to each other, the coupling mechanism is complex.
The external coupling topology also has a significant effect on
the nature of the couplings, and thus, each case should be studied
separately. Fig. 7 shows the pole-splitting phenomenon in the
So1 responses of the two coupling configurations. The coupling
parameters for configuration A were set to Az = 3 mm and
Ay = 0, and for configuration B, to Az = 5 mm and Ay =
15 mm so as to provide approximately the same coupling value.
The So;1 responses shown in Fig. 7 demonstrate that both struc-
tures are coupled through a mixed-coupling mechanism since
there is a zero in the transmission. The locations of the zeros,
however, are different. For configuration A, w,, < wp, and thus,
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Fig. 8. Two different methods for external coupling. (a) Electric coupling.
(b) Magnetic coupling.

magnetic coupling is dominant. For configuration B, w,, > wy,
indicating that the electric coupling is dominant.

Considering configuration A and recalling the fact that the
electric-field distribution in a resonant slot line is maximum
at the center, electric coupling is maximized when there is no
vertical offset between the two resonators, namely, Ay = 0.
However, it is interesting to note that although the electric cou-
pling decreases as Ay increases, the overall coupling increases
(see Fig. 5). This behavior indicates that magnetic coupling is
dominant and electric coupling counteracts the effect of mag-
netic coupling in this configuration. This behavior is also con-
sistent with the increasing trend of magnetic coupling as Ay
is increased, noting that the electric current linkage (magnetic
coupling) from the first resonator to the second one is increased
by a factor proportional to Ay.

As for configuration B, shown in Fig. 6, two mechanisms give
rise to electric coupling. One is the direct capacitance between
the input and output, and the other arises from the electric cou-
pling between the adjacent coiled slot arms. Both of these elec-
tric coupling components are inversely proportional to distance
(Az). Similarly, when Ay increases, these components are re-
duced. Conversely, the electric-current linkage (magnetic cou-
pling) between the two resonators is increased. This argument
confirms the fact that both types of couplings are present, and
since the overall coupling decreases with an increase in Ay, the
magnetic coupling is the one subtracted from the dominant elec-
tric coupling.

B. External Coupling

For the miniaturized slot-line resonator, both electric and
magnetic external couplings can be realized. Fig. 8(a) and (b)
illustrates input and output electric and magnetic couplings,
respectively.

Electric coupling can be controlled by the value of the in-
terdigital capacitor inserted between an input or output CPW
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Fig. 9. Photograph and schematic of the miniaturized four-pole Chebyshev
filter at 400 MHz.

line and the slot resonator. By changing the gap size and/or
finger length of the interdigital capacitor, shown in Fig. 8(a),
a wide range of electric external coupling values can be real-
ized. However, note that when the finger length of the capac-
itor is increased, the resonant slot length is increased, and there-
fore, the resonant frequency of the structure shifts downward.
To alleviate the frequency shift, the size of the resonator must
be trimmed in a such a way as to maintain the resonance of the
structure intact, which is why one of the inductive terminations
in Fig. 8(a) is shorter. In the case of magnetic external coupling,
depicted in Fig. 8(b), the length of the CPW coupled line exten-
sion controls the magnitude of the external coupling.

C. Examples

In order to demonstrate the performance of the proposed
miniaturized filters, two examples are considered. In the
first example, a four-pole Chebyshev filter with a fractional
bandwidth of 5% and 0.25-dB ripple at 400 MHz is designed
and shown in Fig. 9. The required coupling coefficients are
ki = ksy = 0.0378 and ko3 = 0.0310, and the external
coupling is Qext = 27.565 [28]. The prescribed coupling
coefficients can be realized using the design curves of Figs. 5
and 6. For this design, a fixed vertical offset Ay = 22.5 mm
was chosen in order to obtain a more realizable horizontal offset
and also to ensure that nonadjacent resonators do not couple to
each other. The horizontal offsets in the first example are found
tobe Azq 2 = Azz 4 = 2.25 mm and Azy 3 = 0.85 mm. The
area occupied by this filter is 0.220¢ x 0.06Xg = 0.0132)3.
As illustrated in Fig. 10, the measured response of the filter
accurately follows the numerical results obtained by a full wave
MoM simulation [27].

A frequency shift of less than 0.5% occurs, which can be
attributed to the finite size of the ground plane, noting that,
in the MoM simulation, an infinite ground plane is assumed.
The minimum measured insertion loss for this filter is approxi-
mately —1.7 dB, corresponding to a @) of 240. Note that the @
of a miniature microstrip filter of comparable dimensions is less
than 70.

The next example considers an inductive mechanism for the
external coupling of a four-pole Chebyshev bandpass filter with
3% bandwidth. For this example, an inline resonator design
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Fig. 10. Comparison between the simulated and measured .S-parameters of
the filter in Fig. 9.
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Fig. 11. Layout of a four-pole miniaturized filter with inline resonators at

400 MHz, as well as the comparison between its simulated and measured
S-parameters.

(Ay = 0) is used to further reduce the area occupied by the
filter. In configuration B, electric coupling is dominant, which
produces an excess coupling coefficient. If a short slot line is
inserted between two face-to-face resonators, electric coupling
can be reduced considerably, and therefore, a much smaller Az
is needed to achieve the prescribed coupling coefficient. Fig. 11
shows the designed filter in which configuration B is modified
for further compactness.

The dimensions of this filter are 0.15\g X 0.06\g = 0.009\2.
The comparison between the measured and simulated responses
is illustrated in Fig. 11. In this example, an insertion loss of
—3.7 dB is achieved, which corresponds to the ) of 220. Obvi-
ously, due to the modification to coupling configuration B, the
zero associated with the mixed coupling now becomes closer
to the passband (w,, — wg) and enhances the rejection in the
upper band. This observed zero in the rejection band arises from
amechanism different from that of normal quasi-elliptical filters
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Schematic of a low-pass prototype quasi-elliptic filter with series

where the passband zeros are the results of the cancellation of
multipath signals through different resonators.

IV. CROSS-COUPLED MINIATURE FILTERS

In the RF front end of many wireless devices, quasi-elliptic
filters are commonly used because of their compactness and
high selectivity. The enhanced out-of-band rejection of elliptic
filters is due to the presence of zeros in the filter transfer function
created by cross-couplings [29]-[31]. Here, the synthesis of a
lumped-element low-pass prototype of a four-pole quasi-elliptic
filter is demonstrated, and then, the required coupling coeffi-
cients and external couplings are extracted. Different coupling
architectures appropriate for the proposed resonator and suitable
for realizing the required coupling coefficients, including nega-
tive values, will be investigated. Following a procedure similar
to the one used in Section 111, a typical four-pole cross-coupled
filter is designed, fabricated, and tested.

Fig. 12 shows a low-pass prototype for a four-pole cross-cou-
pled filter with series elements. In the above, gg = 1 represents
source and load normalized impedances, and the remaining four
unknowns are found following a synthesis procedure outlined in
[30].

For the following design example, a filter with a fractional
bandwidth of W = 5% and passband ripple of 0.1 dB is con-
sidered. The transmission zero parameter is also set to a =
27, which implies the occurrence of two transmission zeros at
wn, = wo(1 £ W). Thus, prototype elements in Fig. 12 are cal-
culated to be g1 = 0.9526, go = 1.3822, K; = —0.1629, and
K5 = 1.0615. The corresponding coupling coefficients and ex-
ternal coupling can, therefore, be obtained as

= 0.0436

k1o =ksy = N

w
kos = Ko— = 0.0384

g2
W
ks = K1 — = —0.0085
g1
Qext = gv—l —19.05. )

A few coupling configurations can be employed to realize the
required coupling coefficients. Two such coupling structures,
namely, configurations A and B, were discussed in Section III.
Fig. 13 shows the coupling coefficients of configuration A, com-
puted at 2.4 GHz, as a function of resonator separation Az when
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Fig. 13. Extracted coupling coefficients for configuration A as a function of
resonator separation Az for different values of vertical offsets Ay at 2.4 GHz.
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Fig. 14. Topology of the modified coupling configuration B and the effect of
the width of slot incision (w) in the type and magnitude of coupling for the case
of h = 8§ mm.

the vertical offset denoted by Ay is varied as a parameter. The
nature of this coupling is, again, a dominantly magnetic mixed
coupling.

A variation of configuration B, in which a short slot line is
incised between the two resonators, was used in the second ex-
ample of Section III. In Fig. 7, it was shown that, in configura-
tion B, electric coupling is dominant. To reduce the coupling co-
efficient without increasing the distance between the resonators,
aslot incision is again introduced between the two resonators, as
illustrated in Fig. 14. This figure also shows the pole splitting in
the transfer function with the incision width w as a free param-
eter. In these simulations the length of the incision is A = 8 mm.
As the width of the incision increases, the electric coupling be-
tween the resonators decreases, and therefore, the net coupling
is reduced. In Fig. 14, when w = 1 mm, a null appears approxi-
mately at the center frequency w,, = wg, which implies that the
electric and magnetic coupling are equal and totally cancel each
other. Also as the incision width is increased, the frequency at
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Fig. 16. Extracted coupling coefficients for coupling configuration C as a

function of the horizontal offset between the resonators Az for different values
of vertical distances Ay at 2.4 GHz.

which the null occurs falls below the center frequency w,, < wy.
This indicates that the dominant coupling becomes magnetic for
larger values of incision width. Fig. 15 illustrates the coupling
coefficients of the structure shown in Fig. 14 versus the incision
width (w) when the incision height is varied as a free param-
eter. This structure, which will be referred to as modified con-
figuration B, provides rather small values for electric coupling
(negative coupling) without sacrificing the compactness of the
structure.

Finally, coupling coefficients for configuration C are shown
in Fig. 16 as a function of the horizontal offset (Ax) with the
vertical distance Ay used as a parameter.This configuration is
similar to the two previous structures with the exception that the
offset parameters are much larger. This structure exhibits a dom-
inantly magnetic coupling. Defining dominantly magnetic cou-
pling by convention as positive coupling, and electric coupling
as negative coupling, all the coupling coefficients, as required
by (7) to synthesize a quasi-elliptic filter, can be realized.
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Fig. 17. Photograph and schematic layout of a miniaturized quasi-elliptic filter
at 2.4 GHz with dimensions of 0.09Ag x 0.14\,.
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Fig. 18. Comparison between the lumped-element prototype, full-wave

simulated, and measured S-parameters of the quasi-elliptic filter of Fig. 17.

Fig. 17 shows the layout and photograph of this filter. This
four-pole filter occupies an area as small as 0.09\y x 0.14 )\,
while having an insertion loss of approximately 2.0 dB cor-
responding to the @ of 180. The @ of a straight half-wave
microstrip resonator is approximately 170, but becomes much
smaller when coiled. The simulated and measured responses
are illustrated in Fig. 18, where very good agreement between
the measurement and full-wave simulation is observed.

The locations of transmission zeros in the measurement, how-
ever, are not as predicted using the lumped-element prototype
of Fig. 12. The asymmetry observed in the location of the trans-
mission zeros can be attributed to the frequency dependence of
the coupling coefficients [12]. The impedance inverter models,
used in the low-pass prototype, assume a frequency-indepen-
dent coupling, whereas the electric and magnetic couplings are
frequency dependent in nature. In quasi-elliptic filters where
both types of electric and magnetic couplings with opposite fre-
quency dependence are present, the location of transmission
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Fig. 19. Lumped-element prototype of a normalized quasi-elliptic bandpass
filter in which the cross-coupling term k1 4 is realized by a mixed coupling where
the difference between the two electric and magnetic coupling components is
constant.
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Fig. 20. Variation of the location of transmission zeroes of a normalized
quasi-elliptic filter of Fig. 17 for different values of the ratio of the magnetic
component to the electric component of the cross-coupling term 77 = k,, /k.
given that k14 = k. — k.

zeroes can be shifted considerably. More importantly, in the
proposed miniaturized design, the cross-coupling term, which
controls the transmission zeros, is realized by subtracting two
out-of-phase components of magnetic and electric couplings
having different frequency dependence, resulting in an overall
cross-coupling with a strong frequency dependence.

Fig. 19 shows the equivalent circuit of the normalized filter
shown in Fig. 17, where the cross-coupling is realized by a
dominantly electric mixed coupling. To ensure the proper value
for the cross-coupling according to (7), the difference between
the electric and magnetic has to be equal to k14, i.e., k14 = ke —
km = 1/Crawo — Ligwy. Let n = ky, /ke < 1 be the ratio of
the magnetic component of the cross-coupling term to its elec-
tric component. Based on this definition, the value of the cross-
coupling elements can be defined as C14 = (1 — n)/k14 and
L1y = nk14/(1 — 7). Fig. 20 plots Sa; of the equivalent circuit
shown in Fig. 19 for different values of 7, while keeping the
net magnitude of the cross-coupling constant, namely, k14 =
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0.0085. As seen in Fig. 20, the location of the transmission
zero shifts when 7 is increased. The increase in 7, while the
overall cross-coupling term is fixed, indicates that a larger por-
tion of the electric component of the cross-coupling is cancelled
by an out-of-phase magnetic component. Obviously, the proper
cancellation only takes place at the center frequency, but since
the cross-coupling is frequency dependent, the coupling is more
than required at frequencies above the passband and less below
the passband. In order to alleviate the observed asymmetry in
the location of transmission zeros and rejection band ripples,
one might try to reduce 7, which implies a smaller cancella-
tion of the out-of-phase electric and magnetic couplings while
maintaining the same value of k14. As mentioned earlier, the
required cross-coupling term needs to be rather small and can
be realized by introducing a mixed electric-magnetic coupling
in which the electric and magnetic couplings cancel each other
out. To reduce the cancellation, and at the same time have the
cross-coupling term remain intact, the absolute value of the
electric coupling should be reduced using via-holes in the slot
incision and/or increasing the vertical offset between the first
and last resonators.

V. CONCLUSIONS

A new class of slot-line resonators for applications in minia-
turized filter design have been demonstrated. The slot-line
resonator offers flexibility of different coupling mechanisms,
which facilitate various compact filter designs. It is shown that
the resonators may be further miniaturized by increasing the
value of inductive loading through increasing the number of
turns in the coiled terminations with a moderate decrease in
the resonator () factor. The unloaded () is higher than that of
miniaturized microstrip filters of similar volume.

Both electric and magnetic couplings were demonstrated
simply by positioning two such miniaturized resonators in
different arrangements with respect to each other. A straight-
forward method was given to determine whether the coupling
mechanism is magnetic or electric. A full-wave analysis was
used to extract the coupling coefficients used in filter design.

To demonstrate the validity of the approach, three examples
were studied including two four-pole Chebyshev filters, one of
which used a mixed-coupling structure, and a four-pole quasi-
elliptic filter. The agreement between the simulated and mea-
sured responses of these filters was shown to be excellent.

The prototype Chebysheyv filters at 400 MHz with fractional
bandwidths of 5% and 3% show insertion loss values of approxi-
mately 1.7 and 3.7 dB, while occupying a very small rectangular
area 0.22\g x 0.06\¢ and 0.15\g x 0.06)\g, respectively. The
unloaded @ of these filters is approximately three times greater
than those of their microstrip counterparts.

A four-pole quasi-elliptic filter with W = 5% at 2.4 GHz was
also fabricated, and its measured response was compared with
numerical simulation. This filter with an improved out-of-band
rejection gives 2-dB insertion loss while occupying a very small
area of approximately 0.09A¢ x 0.14\q. The effect of the fre-
quency-dependent cross-coupling on the quasi-elliptic filter was
also investigated.
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A Multiresonant Single-Element
Wideband Slot Antenna

Nader Behdad, Student Member, IEEE and Kamal Sarabandi, Fellow, IEEE

Abstract—A new technique for designing wideband slot an-
tennas is proposed. In this technique, the aperture’s electric field
distribution is manipulated to create two fictitious short circuits
along the slot, hence creating two additional resonances besides
the main one. The frequencies of these fictitious resonances can
be chosen such that the overall bandwidth of the antenna is
drastically increased. By using this technique, a slot antenna with
a 1.8 : 1 bandwidth ratio is designed and fabricated. The measured
results of this antenna show similar radiation patterns at different
frequencies in its band of operation. Furthermore, the antenna
has a relatively constant gain and more importantly, it has an
excellent polarization purity over the entire bandwidth.

Index Terms—Broadband antennas, printed antennas, slot
antennas.

I. INTRODUCTION

URRENT advancements in printed antenna technology
Chave resulted in a variety of different techniques for
designing low profile, cost effective, and highly efficient
wideband antennas. Most of these techniques, deal with
marginal bandwidth improvement of more traditional antennas
such as patch or printed wire antennas [1]. Another class of
antennas that are suitable for miniaturization and have great
reconfigurability potentials without compromising efficiency
are slot antennas. However, not much attention has been paid
to improving the bandwidth of this class of printed antennas.
In this letter, we present a new technique for increasing the
number of resonances and, hence, the bandwidth of a slot
antenna by creating multiple fictitious short circuits along the
slot.

Microstrip-fed wide slot antennas have been theoretically
studied in [2]. Also, experimental investigations on very wide
slot antennas are reported by various authors [3]-[5]. The
drawback of these antennas are twofold: 1) they require a
large area for the slot and a much larger area for the conductor
ground plane around the slot and 2) they usually generate high
cross-polarization levels that change with frequency [3]-[5].
This is mainly because these antennas can support two orthog-
onal modes with close resonant frequencies. The undesirable
excitation of the orthogonal mode can easily occur and result in
the generation of strong cross-polarized radiation. Therefore, it
is important to limit the maximum width of the slot antennas
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under investigation. It has recently been shown that a relatively
wide slot antenna, fed with a narrow microstrip line, can be
designed to show dual-resonance behavior with similar electric
field (magnetic current) distributions at both resonant frequen-
cies [6]. This similarity is critical since it results in similar
radiation patterns and preservation of the desired polarization at
different frequencies over the entire bandwidth of the antenna.
The frequencies of the two resonances can be controlled in the
design process such that the antenna acts as either a dual band
or a broadband radiator [6]. In this letter, we will use the same
concept and modify the microstrip feed to create two fictitious
short circuits along the slot with close enough frequencies
to obtain a much wider bandwidth. By using this technique,
a single-element slot antenna with a bandwidth as high as
1.8:1 is designed and fabricated. This antenna shows similar
radiation patterns with very low levels of cross-polarized
radiation over the entire bandwidth. In what follows, first the
design procedure is studied and then the measured results are
presented and discussed.

II. DESIGN PROCEDURE

A relatively wide slot antenna, fed with a narrow microstrip
line near an edge, can be designed to show a dual-resonance
behavior, which can be exploited to obtain a wideband response
[6]. When a relatively wide slot antenna is fed with a narrow
microstrip line, the electric field generated by that part of the
microstrip line over the slot (which does not have a ground
plane), cancels the slot electric field, generated by the return
current of the microstrip-line in the ground plane, at a certain
location near the feed. This creates a fictitious short circuit
along the slot near the microstrip feed and, hence, generates a
fictitious resonance with a frequency, which is slightly higher
than that of the main resonance [6]. The next challenging
step is to examine whether it is possible to create more than
one fictitious short using a similar approach or not. If this
is possible, the bandwidth of the antenna can drastically be
increased by merging these fictitious resonances. In order to
test the validity of this idea, we begin by attempting to place
two fictitious short circuits along the slot, using a two-prong
microstrip feed. It is expected that this structure could present
three distinct resonances at frequencies proportional to the
resonant lengths L,q, L,o, and L,3 as shown in Fig. 1. If the
locations of the two feed lines are chosen properly, the three
resonant frequencies will be close and the overall bandwidth
of the antenna can be increased significantly by using an
appropriate feeding network. The location of the microstrip
feeds, Ls; and Lgo in Fig. 2, determines L, and L,3 and,
hence, the resonant frequencies of the two fictitious resonances.

1536-1225/04$20.00 © 2004 IEEE
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Fig. 2. Schematic of the broadband slot antenna and its microstrip feed
network.

The feed topology chosen for this antenna (Fig. 2) can be
viewed as a three-port microstrip network that achieves power
division using a microstrip-Tee. In order to obtain a broadband
response, matching is performed by choosing the feed network
parameters, Lo, Wy, Ly, W3, Ly, Wy, Lg1, Lga, L1, and
L,,> (shown in Fig. 2) appropriately. These parameters must
be chosen such that the overall impedance bandwidth of the
antenna is maximized. In order to obtain the optimum values of
these parameters, a combined full-wave and network simulation
technique is used. First, the antenna structure and its narrow
microstrip feed lines (Fig. 1) are simulated as a four port net-
work using a full-wave electromagnetic (EM) simulation tool
[8]. Then the S-parameters of this four-port network are used
in a network simulation and optimization software [9] from
which the optimized values of the feed-network parameters
are obtained. This technique allows for rapid optimization of
the network parameters, but it ignores the coupling effects
that exist between different components of the feed network.
Therefore, a final full-wave simulation of the structure is
performed and the different feed parameters are fine tuned to
obtain a good response. The final schematic of the antenna is
shown in Fig. 2, and the optimized dimensions of the antenna
are given in Table 1.

TABLE 1
A SUMMARY OF THE PHYSICAL DIMENSIONS OF THE BROADBAND
SINGLE-ELEMENT SLOT ANTENNA. ALL DIMENSIONS ARE IN MILLIMETERS

Parameter L w Lo Ws Ls Wy

Value 31 6 1 1.8 | 1973 | 043
Parameter L1 Wy La1 | La2 L1 Lima
Value 62 | 0.72 2 6 33 1
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Fig. 3. Measured VSWR of the broadband slot antenna.

III. MEASUREMENT RESULTS AND DISCUSSION

The proposed antenna is fabricated on a 500-pm-thick
RO4350B substrate with a dielectric constant of ¢, = 3.4 and
tan § of 0.003 with a ground plane size of 11.5 cm x 10 cm.
The voltage standing wave ratio (VSWR) of the antenna is
measured using a calibrated vector network analyzer and is
shown in Fig. 3. It is shown that the VSWR of the antenna
remains below 2 over a bandwidth range of 3 to 5.4 GHz. This
corresponds to a 1.8: 1 impedance bandwidth ratio. However,
in order to determine the overall bandwidth of the antenna,
other radiation parameters such as radiation patterns, gain, and
antenna polarization must also be carefully examined over the
entire frequency band. The radiation patterns of the antenna are
measured at five different frequencies in the anechoic chamber
of the University of Michigan. For brevity, the patterns at only
three frequencies are given in Fig. 4. It is observed that the
radiation patterns at different frequencies are similar, which
is expected from a wideband antenna. More importantly, the
cross-polarization levels are very small for all the measured
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Fig. 4. Radiation patterns of the broadband slot antenna, measured at (a) f = 3 GHz, (b) f = 4 GHz, and (¢) f = 5 GHz.

patterns. Specifically, a Co-Pol/Cross-Pol ratio of better than
30 dB is observed at boresight in all of the measured radiation
patterns. The cross-polarization levels at other directions are
also very small, indicating excellent polarization purity.

As can be observed from Fig. 4, the patterns of the antenna
are not the dual of those of an electric dipole. The first difference
is that the patterns in the E-plane (unlike the H-plane of an
electric dipole) show two nulls at +90°, which are caused
by two different mechanisms. The first mechanism is the
cancellation that occurs at grazing angle as a result of the
phase difference between E-fields on the top and bottom of
the ground pland. This phase difference does not exist in the
H-plane. Furthermore, the H-plane radiation pattern should
inherently show two nulls at +90° as a result of the boundary
condition that forces the tangential component of the electric
field to go to zero. The second reason for having these nulls
is that the slot antenna is covered with a dielectric substrate at
one side. This forces the normal component of the electric field
at grazing angles to go to zero as described in [7]. Another
difference is the minima (instead of nulls) in the H-plane
which is a direct result of the radiation from the edges of the
ground plane. The antenna gain is measured in the anechoic
chamber using a standard double ridge horn and is presented

in Fig. 5. It is seen that the gain of the antenna remains
relatively constant over the entire bandwidth. Based on the
measured VSWR, radiation patterns, polarization purity, and
gain of the antenna, the overall bandwidth is determined to
be the same as its impedance bandwidth (1.8:1). Preserving
the radiation patterns and excellent polarization purity are
extremely important factors in designing wideband antennas.
Since many of the existing wideband, single-element, printed
antennas achieve wideband operation from different radiation
mechanisms and field distributions at different frequencies,
they cannot easily achieve these two important factors. This
letter presents a very simple way of designing a wideband
printed antenna with excellent radiation parameters over the
entire bandwidth.

IV. CONCLUSION

A new and simple technique for designing wideband slot
antennas is presented. This technique is based on creating
a number of fictitious resonances along the slot with close
frequencies and using them to obtain a wideband overall
response with similar radiation patterns and polarization over
the entire bandwidth of the antenna. This is accomplished
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using a two-prong microstrip feed on a single slot antenna and
is shown to provide a 1.8:1 bandwidth as well as very low
cross-polarization levels at different directions and frequencies.
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Simplicity of the design process, consistent radiation parame-
ters, and excellent polarization purity make this technique very
attractive for designing wideband printed antennas.
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Bandwidth Enhancement ot Miniaturized Slot
Antennas Using Folded, Complementary, and
Self-Complementary Realizations

Reza Azadegan, Student Member, IEFE, and Kamal Sarabandi, Fellow, IEEE

Abstract

Folded and self-complementary structures are considered as two effective approaches to increase the bandwidth
of miniaturized antennas. Using miniaturized folded slot can result in more than 100% increase in the bandwidth as
compared with that of the miniaturized slot antenna. The complimentary pair of the miniaturized folded slot, namely,
the folded printed wire is also discussed in this paper. It will be shown that folded slots have a much higher radiation
efficiency when compared with their complementary folded wire antennas. Another approach for bandwidth improvement
is the implementation of self-complementary topologies to moderate the frequency dependance of the antenna input
impedance. With regard to this approach, a folded self-complementary miniature antenna is studied, where a noticeable
improvement over bandwidth is observed. A miniaturized folded slot, its complementary miniaturized folded printed
wire, as well as their self-complementary realization, are fabricated and tested. These antennas do not need complicated
external matching circuits and can fit into a very small rectangular area with dimensions as small as 0.065 g x 0.065\¢.
Experimental and theoretical data shows that the folded structures exhibit bandwidths twice as wide as their ordinary
miniaturized counterparts with similar sizes and gains. The self-complementary version of the folded antenna shows
further increase in the bandwidth. In the efficiency/gain comparison, self-complimentary structures fall between the slot
and printed wires since they consist of equal proportions of the both slot and printed wire. A self-complementary H-
shape antenna is also introduced whereby the required self-complementarity conditions are met at the expense of relaxing
miniaturization, and consequently, a very wide bandwidth is achieved. With yet small dimensions of 0.13\g x 0.24)\¢, a
very wide bandwidth of (2.3:1) can be obtained. For the case of no dielectric substrate, even wider bandwidth of (3:1)
is achieved.

Keywords

Slot antenna, folded slot, folded dipole, miniaturized antenna, self-complementary antenna.

I. INTRODUCTION

ITH recent advances in solid state devices and MEMS technology, realization of high perfor-
mance miniaturized transmit and receive modules have become a reality. These modules,
together with miniaturized sensors and transducers, have found numerous applications in industry,
medicine, and the military. Nevertheless, an ongoing effort is underway to develop new methodologies
for designing efficient miniaturized antennas that can easily be integrated to the rest of electronics and
RF components in such wireless systems. Previous studies have shown that antenna miniaturization
adversely impacts antenna efficiency, bandwidth, and impedance matching [1], [2], [3], [4], [5], [6]. The
focus of these early investigations have mainly been restricted to the establishment of a relation be-
tween antenna size, bandwidth and efficiency. In these studies, a lower bound for the antenna quality
factor (@) in terms of the radius of the smallest fictitious sphere enclosing the antenna was derived.
This analytical derivation is based on the spherical wave function expansion of the fields radiated
from a small antenna, where the quality factor of the lowest order mode provides a lower bound for
the antenna (). Apart from introducing an upper bound on small antennas’ bandwidths, the above
literature does not deal with practical design considerations.
In recent years, practical aspects of antenna miniaturization have received significant attention.
Most successful designs, however, rely on the use of high permittivity ceramics which are less desirable
for their high costs and incompatibility with monolithic circuits. Recently, the authors proposed a

The authors are with the Radiation Laboratory, Department of Electrical Engineering and Computer Science, The University
of Michigan, Ann Arbor, MI 48109-2122 USA.
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Fig. 1. The layout and the the simulated input impedance of the miniaturized slot antenna around its resonance.

new class of efficient miniaturized slot antennas which can be easily matched without the need for
external matching networks. The topology of a typical miniaturized slot antenna is shown in Fig. 1
[7]. The miniaturization is achieved by introducing symmetric inductive loading at both ends of a
short radiating slot section to create a voltage discontinuity along a resonant slot-line. An important
advantage of this topology is that the antenna size, depending on the application at hand, can be
chosen almost arbitrarily small at the cost of reduction in bandwidth and efficiency. As an example,
the design of a miniaturized antenna with dimensions as small as 0.05\g x 0.05\g showing a fairly
high gain of -3 dBi was demonstrated [7]. Resonant antennas in general, and resonant slot antennas
in particular, are inherently narrow band. Obviously, further bandwidth reduction is expected for
miniature slotted structures. Another important issue regarding slot antennas is the ground plane size
and its impact on antenna gain and efficiency. As demonstrated in [7], [8], the gain of the antenna
decreases as the size of ground plane is reduced.

The objectives of this paper are two-fold, namely, enhancing the narrow bandwidth of small antennas,
and mitigating the drawbacks related to the ground plane size. In order to improve the antenna
bandwidth, a miniaturized folded topology is introduced, and its bandwidth is compared with that of
a miniaturized slot antenna with a similar topology [7]. To alleviate ramifications related to the ground
plane size, a complimentary topology is introduced, in which the slot is replaced by a metallic strip
(printed wire), and the ground plane is eliminated. The duality principle between the two antennas,
however, cannot be directly applied because of the presence of the dielectric substrate. To further
improve the bandwidth of these antennas, a folded self-complementary topology comprised of two
half structures of the miniaturized slot and wire antennas is also considered. Finally, we will proceed
with an ultra wide band self-complementary antenna with a moderate miniaturization. Experimental

and analytical analyses are carried out to compare the size, bandwidth, gain, and efficiency of these
antennas.

II. MINIATURIZED FOLDED SLOT ANTENNA

The miniaturized slot antenna structure shown in Fig. 1 has a relatively narrow bandwidth. The
radiating slot segment has a length of £ = 0.05)\, which is 10 times smaller than a standard half-wave
resonant slot. Since the physical aperture of this miniature antenna is much smaller than that of a
standard slot antenna, its radiation conductance is much lower than a standard A/2 slot. The input
impedance of the miniature slot antenna, when fed by a short-circuited microstrip line, is shown to
be about 25K  at the resonance (see insert of Fig. 1). In order to match such a high impedance to
a standard transmission line, impedance matching had to be done off resonance, where the reactance
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Fig. 2. The layout and the simulated input impedance of the miniaturized folded slot antenna around its resonance.

slope is very high. This high spectral variation of the antenna reactance limits the impedance matching
to only a narrow band. If the radiation conductance of the miniaturized slot antenna can be increased
without a significant increase in the antenna size, impedance matching over a wider bandwidth can be
achieved. Increasing the physical aperture by means of introducing a suitable folded structure seems
to be an appropriate approach, since the antenna aperture readily increases, while the antenna size
can be kept almost the same.

The impedance of a folded dipole antenna is related to that of a dipole antenna by [9]

folded—dipole __ dipole

Using Bookers’ relation [10], the input impedance of a resonant slot dipole can be obtained from its
dual and vice versa as

g7 folded—slot _ ?7_2 1 _Zg o
in Ty Zif;lded—dipole -y

Equation (2) shows that the input impedance of a folded slot is four times smaller than that of the
standard slot dipole. Thus, the impedance of a miniaturized folded slot is expected to be much closer
to the impedance of standard transmission lines, and thus easier to match.

Figure 2 shows the proposed miniaturized folded slot topology fed by a CPW line. The same figure
shows the simulated input impedance as a function of frequency. Dimensions of the folded prototype
are chosen to be the same as those of the miniaturized antenna in Fig 1. This antenna occupies an
area of 6cm x 6cm. The resonant frequency of this folded antenna, however, is slightly higher than that
of the original miniaturized slot. As illustrated, the miniature folded-slot impedance is reduced from
about 25 K for the original design to 6 K2, which is easier to matched to a 502 line. Moreover, for
the folded antenna, the reactance slope of the input impedance is much lower at the frequency where
the real part of the antenna impedance is 50€2, indicating the possibility of impedance matching over
a wider frequency band.

Two solutions are available for matching the input impedance of the miniaturized slot antenna to
a 50€2. One solution is to tune the slot antenna below its resonance where the slot is inductive, using
a capacitive coupling at the feed, and the other one is to inductively feed the slot and tune it slightly
above its resonance. Since the objective is to minimize the antenna size, a capacitively coupled slot
antenna is chosen. Figure 3 shows the proposed miniaturized folded slot antenna capacitively coupled
to a 50 CPW line. An interdigital capacitor is placed in between the feed line and the antenna to
control the amount of coupling between the line and the miniaturized folded slot, in order to achieve
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Fig. 4. Simulated and measured input return loss of the miniaturized folded slot antenna of Fig. 3.

the impedance match. The exact value of this capacitance is determined by modeling the miniaturized
folded slot with an equivalent second-order resonant circuit model. The equivalent circuit parameters
are extracted using a full-wave simulation of the antenna structure similar to what was done for the
original miniaturized slot antenna [7].

A prototype of the miniaturized folded slot antenna shown in Fig. 3 was fabricated on a substrate
with a dielectric constant of £, = 2.2 and a loss tangent of tan d = 0.0009, and a thickness of 0.787mm
[11]. Then, the input impedance and far-field co- and cross-polarized radiation patterns of this antenna
were simulated and measured. The full-wave simulations were performed using a commercially available
Moment Method package [12]. Figure 4 shows a comparison between the simulated and measured
input return loss values of the antenna depicted in Fig. 3. As the simulation shows, the folded
antenna occupies an area as small as 0.065 g x 0.065)\g and is perfectly matched at 336.1 MHz. This
frequency is lower than the resonant frequency of the folded slot structure (337.7 MHz) shown in Fig.
2 because of the insertion of the interdigitated matching capacitance. There is also a 1% shift in the
measured resonant frequency of the antenna compared to the results obtained from the simulation.
This discrepancy can be attributed to the finite size of the ground-plane, numerical errors, and the
exclusion of the ohmic loss of the ground plane.

For slot-line structures, equivalent magnetic currents are usually used to facilitate efficient imple-



SUBMITTED TO THE IEEE TRANSACTIONS ON ANTENNAS AND PROPAGATION 5

Normalized Radiation Pattern [dB]
R
o

— Co-pol. E-Plane
== Cross—pol. E-Plane

=357 | _-. Co-pol. H-Plane ;
““““ Cross—pol. H-Plane 5
—40 ‘ j ‘ ‘ ‘ ‘ :
-200 -150 -100 -50 0 50 100 150 200
0 [degree]

Fig. 5. Measured radiation pattern of the miniaturized folded slot antenna for E- and H- principle planes.

mentation of the Method of Moment solution. In this approach, the tangential electric field over the
slot is replaced with an equivalent magnetic current, while the field is assumed to vanish over an infinite
ground plane. This assumption implies that the ground plane is modeled by a perfect conductor, and
therefore, the ohmic loss cannot be accounted for in this case. In reality, the ground plane of the slot-
line structure has finite conductivity and finite size, which leads to the observed discrepancies between
the simulation and the measured results. Whereas the finiteness of the ground plane is responsible for
the observed disagreement between the measured and simulated antenna center frequency, exclusion
of ohmic losses of the ground plane from simulation is responsible for the observed discrepancy in the
-10 dB return loss bandwidth of the miniaturized folded slot (see Fig. 4).

To demonstrate the bandwidth enhancement of the miniaturized folded-slot compared to the original
miniaturized antenna, both simulated and measured near-field and far-field characteristics of these
antennas are summarized in Table I. Table I clearly shows an increase in the -10 dB return-loss
bandwidth of the folded slot antenna over the original antenna from 0.34% to 0.93%. The gains of
these antennas were measured against a standard half wavelength dipole antenna. The gain of the
folded and original miniaturized slot antennas were, respectively, measured to be -2.7 dBi and -3.0 dBi.
The measured values of the gains are lower than the simulated results. This again can be attributed
to the the ohmic loss and finite size of the ground plane which have not been accounted for in the
simulation.

Finally, the E-plane and H-plane radiation patterns of the miniaturized folded-slot antenna were
measured in the anechoic chamber of the University of Michigan and are shown in Fig. 5. For the
E-plane pattern, Ey(f) was measured in the ¢ = 0° plane. The measurement of E,(6) in the ¢ = 90°
plane provides the H-plane pattern of the antenna. In theory, a null should exist in the H-plane
pattern of an infinitesimal folded-slot, since the ground plane forces the tangential electric field of
E,(6 =90°) =0 at ¢ = 90° to vanish. This deep null, however, is not observed because of the finite
dimensions of the ground plane. When the ground is not extended to infinity, the radiation by edges
would fill the null. On the other hand, a null is created in the E-plane pattern, whereas the theory
predicts a uniform pattern. This phenomenon is also caused by the finite dimensions of the ground
plane. Based on the equivalence principle, the magnetic currents on the upper and lower half space
flow in two opposite directions and create out of phase normal electric fields on the antenna plane
(0 = 0°). When the ground plane is infinite, the lower and upper half spaces are decoupled, and no
cancellation occurs. The cross-polarization component of the radiation pattern is small because of
the symmetry of the structure in the principal E- and H-planes. The observed minor cross-polarized
radiation is caused by the edges of the finite size ground plane and the re-radiation of the near field of
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Fig. 6. Layout and real and imaginary parts of input impedance of the miniaturized folded printed wire antenna.

the antenna by the feeding cable.

III. MINIATURIZED FOLDED PRINTED WIRE ANTENNA

The size of the ground plane was found to be an important parameter in slot antenna gain, band-
width, and depolarization. In general, the larger is the ground plane, the better antenna performance
is expected. In many applications, such as automotive, aviation, and large arrays, metallic platforms of
considerable size are already available. Therefore, ground plane size does not impose a major restric-
tion on the antenna performance. When no large ground plane is available, an alternative miniaturized
design may be considered. Basically, printed wire structures, unlike slotted structures, do not need
a ground plane. In this section, a printed antenna topology which is the complementary pair of the
miniaturized folded-slot of Fig. 2 is proposed and tested. This structure is shown in Figure 6, where
the slot-lines are replaced by metallic strips and vice versa. Two vertical radiating elements at the
center of the structure are terminated by distributed capacitive loadings. The electric current distri-
bution attains its maximum on these vertical strips. Although the far-field radiation mainly emanates
from the two vertical elements, the contribution of the distributed capacitive loads on the radiation
resistance should not be overlooked.

The radiation resistance of an infinitesimal dipole with a constant current distribution can be cal-
culated analytically [9]. This quantity is multiplied by a factor of four in the case of an infinitesimal
folded dipole; that is;

R, =4x 807r2(§)2. (3)
In the above equation, the antenna is assumed to be radiating in free space. For the miniature folded
dipole considered in Fig. 6, £ = 0.065\q results in radiation resistance of R, = 13.34 ). Equation (3)
only accounts for the contribution of the main radiating arms, and the effects of capacitive loading
and the dielectric substrate are not included in the calculation of the input resistance. In order to
include all these parameters, the full-wave Moment Method code assuming infinite substrate is used,
and the input admittance is calculated and shown in Fig. 6. The simulated input impedance of the
printed folded dipole at the structure resonance is R, = 432, which is considerably different from the
value predicted by (3) for the reasons mentioned earlier.
Similar to its folded-slot counterpart, the folded printed-wire can be directly matched to a 502
line, without a complicated matching network. The printed dipole antenna requires a balanced input
to ensure a symmetric current distribution on the antenna. Both lumped element (RF transformer
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Fig. 7. The miniaturized folded printed wire antenna with balanced feed and fine tuning setup.
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Fig. 8. Simulated and measured input return loss of the miniaturized antenna in Fig 7.

chips) and distributed baluns can be used to transform the unbalanced feed into balanced co-planar
strips (CPS), which feed the miniaturized printed folded-dipole antenna of Fig. 6. Merchand balun
is an example of distributed transformer which is used for a 50 €2 microstrip line to a CPS transition
[13]. Figure 7 shows the layout of the printed wire antenna connected to a Merchand balun. Although
the balun is considerably larger than the antenna itself, it should not be considered as a part of the
antenna, and it has only been used here to characterize the antenna discretely. When the antenna is
integrated with transceiver electronics, balanced circuitry can be utilized instead.

The design procedure for this antennas is similar to the one presented for the miniaturized slot
antennas making use of the duality principle [7]. Figure 7, shows the miniature antenna fed by a 50 €2
microstrip line through a Merchand balun. Note that fine-tuning is accomplished by a small amount of
inductive feed generated by having a microstrip line extension slightly less than A/4. This antenna was
fabricated on the same substrate used in the previous examples. Figure 8 shows a comparison between
the simulated and measured input return loss values of the miniaturized printed folded antenna. This
antenna can fit into a rectangular area of 0.06\q x 0.065)\¢ at 336 MHz. However, there is about 1%
shift in the measured operating frequency compared with the simulation, which again can be attributed
to numerical errors and the finite dimensions of the dielectric substrate.

The measured radiation pattern of this printed antenna for E- and H-planes are plotted in Fig.
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Fig. 10. The simulated radiation pattern of the miniaturized folded printed wire antenna without a balun.

9. Figure 10 illustrates the simulated radiation pattern of the antenna itself in the absence of the
balun. The measured radiation pattern in the E-plane agrees with the numerical simulation and the
theoretical radiation pattern of an infinitesimal folded dipole. In contrast, an asymmetric null appears
in the H-plane pattern at § = —90°, whereas a constant pattern in the H-plane is expected. This
asymmetry emerges because of the presence of the balun. The major portion of the observed cross
polarized radiation is believed to emanate from the feed cables rather than the antenna structure itself.
The far-field gain of this antenna is measured to be -6.5 dBi, which is slightly higher than the value
predicted by the simulation. Knowing that the balun creates a null in the H-plane pattern, one should
expect the antenna to be more directive when the balun is present. That is why, the measured gain
a slightly higher than the gain obtained from the simulation (see Table I). The observed difference
between the gains of the miniaturized folded-slot and printed dipole is noteworthy. A 3.8 dB gain
difference exists between the two antenna which is attributed to conductor ohmic losses. Slot antennas
make use of more conductors, and therefore, ohmic losses are significantly less than the ohmic losses
of their printed wire antennas counterpart.
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TABLE 1
COMPARISON AMONG CHARACTERISTICS OF MINIATURIZED SLOT, MINIATURIZED FOLDED SLOT, AND MINIATURIZED
PRINTED FOLDED DIPOLE ANTENNAS.

. Bandwidth [%] | Gain [dBi Directivit
Antenna Type Size Sim. Mea[bs.] Sim. g\/[ea]s. [dB| '
Miniature slot [7] 0.05Xg x 0.05Ag | 0.058 0.34 1.0 -3.0 1.9
Folded slot 0.065Xg x 0.065Ag | 0.12 0.93 1.0 -2.7 1.9
Printed wire 0.065Xg x 0.065Ag | 0.45 0.60 -7.0 | -6.5 2.4
Self-comp. folded | 0.065Xy x 0.065\y | 1.1 1.1 5.5 | -4.5 2.7

30

10

Port 2 Port 1

X [mm]

Fig. 11. The miniaturized self-complementary folded antenna fed by a tow-port self-complementary asymmetric CPW-
line.

IV. MINIATURIZED SELF-COMPLEMENTARY FOLDED ANTENNA

The use of self-complimentary antennas has been suggested to obtain antennas with frequency
independent input impedances [14]. The basic idea stems from the fact that these structures consist
of two sections that are dual of each other. Therefore, the reactive parts of these two subsections
tend to cancel each other, which leads to a purely real input impedance over the frequency band. In
reality, however, a self-complementary radiating structure needs to be truncated, and this truncation
by itself deteriorates the performance of a self-complementary design. The extent of this deterioration
depends on the geometry as well as the truncation extent. Truncation becomes even more important
when miniaturized antennas are considered. Apparently, miniaturized self-complementary antennas
are subject to a very tight truncation whose effect should be closely examined.

Another important assumption in self-complimentary structures is that the antenna should radiate
in free space or homogeneous media. Consequently, the introduction of a dielectric medium would
provoke the required condition for self-complementarity, and thus, the prescribed theoretical results
may not be achieved.

Figure 11 shows a self-complementary pair of the two previously introduced folded antennas, where
the top half of the structure is similar to that of the folded printed wire in Fig. 6, and the lower
half resembles the folded slot of Fig. 2. This structure is excited through self-complementary trans-
mission line which resembles an asymmetric CPW waveguide. The characteristic impedance of this
self-complementary transmission line is Z, ~ 607/,/¢,, given that a dielectric substrate is present.
This antenna has the same dimensions as the two previously introduced structures and is fabricated
on the same dielectric substrate. In order to analyze the structure, the two-port antenna structure



SUBMITTED TO THE IEEE TRANSACTIONS ON ANTENNAS AND PROPAGATION 10

[dB]

-30 i L L
0.32 0.33 0.34 0.35 0.36 0.37 0.38
Frequency [GHZz]

Fig. 12. The two-port simulated S-parameters of the miniaturized self-complementary folded antenna of Fig. 11 to be
used for obtaining a proper lossless matching network.
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Fig. 13. The equivalent circuit of the required matching network to a 5012 line.

shown in Fig. 11 is simulated using the Method of Moment [12], and its S-parameters are presented
in Fig. 12. Based on the simulated S-parameters, the resonant frequency of the antenna can be
determined. Furthermore, the knowledge of the S-parameters provides the information required for

designing a matching network for the antenna.

A. Impedance Matching

In order to match the impedance of the antenna, two parameters should be determined. One is
the terminating impedance of the second port, and the other parameter is an appropriate reactive
circuit to be placed in series with the antenna at the first port. A trivial choice for the terminating
impedance of the second port is the intrinsic impedance of the self-complementary CPW line, which
is Z. ~ 607 /\/c, = 1252, This termination ensures no reflection from the line at the second port, but
at the same time, the resistive termination reduces the radiation efficiency of the antenna drastically.
That is why reactive (lossless) termination for the second port is preferred. In order to minimize
ohmic losses, the second port is short circuited, and the matching circuit of Fig. 13 is proposed. The
matching parameters of this circuit can be found using an optimization algorithm so that a wide band
impedance matching may be obtained around the resonant frequency of the structure. The lossless
matching circuit can either be realized by distributed elements or by lumped elements. Figure 14
illustrates the antenna with a distributed element realization of the matching network. Obviously, this
distributed matching network is not a part of the antenna, and may be replaced with high Q lumped
elements when the antenna is integrated with a transceiver.

The antenna of Fig. 14 is fabricated on the same substrate as the previous antennas, and its input
return loss is measured and compared with those obtained from the full-wave simulation and the
equivalent circuit model. This comparison is shown in Fig. 15 where a good agreement is observed.
Both simulated and measured fractional bandwidths for this structure are found to be 1.1% which is
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Fig. 14. The geometry of the miniaturized self-complementary folded antenna along with the distributed-element
realization of the matching network of Fig. 13.
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Fig. 15. The measured, simulated, input return losses of the antenna of Fig. 14, as well as that of the equivalent circuit
model of Fig. 13.

at least 25% improved over the measured bandwidth of the miniaturized folded slot antenna in Table
I. Unlike miniaturized slot and folded slot, the simulated and measured bandwidth and gain of this
antenna agree favorably, since in the simulation of the self-complementary antenna notion of magnetic
current was not used, and thus, the ohmic losses are accounted for.

The radiation pattern of this antenna might seem to be complicated at the first glance. However,
the radiated fields can be considered as the superimposition of the field of a small folded dipole and
that of a folded slot. Therefore, ¢ = +45° specifies the principle plane of the antenna given that
both dipole and slot modes are excited in phase. The radiation pattern of the self-complementary
folded antenna is measured in three cuts of ¢ = 0°, ¢ = 45°, and ¢ = 90°. Fig. 16 compares the
measured and simulated radiation pattern of this antenna for these three cuts. Pattern measurement
of self-complementary antennas with tight truncation is a rather involved procedure mainly due to the
coexistence of the both electric and magnetic radiating elements, which have dual patterns. Therefore,
the resultant radiation is neither symmetric with respect to the symmetry planes of the truncated
structure nor with respect to the edges. This asymmetry also increases the chance that the near field
of the antenna could excite currents on the feeding cable, and that those excited currents re-radiate,
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and thus, interfere with the far fields of the antenna. In order to inhibit the unwanted radiation, a
portion of the feeding cable at the immediate vicinity of the antenna was shielded and grounded.

The gain of this antenna was measured against a calibrated antenna. Under polarization matched
condition a gain of -4.5 dBi was measured, which is slightly higher than the simulated gain for this
antenna. The difference between the simulated and measured gain may be attributed to the pertur-
bation of the radiation pattern of the antenna owing to the presence of the additional ground plane
used in the measurement setup.

Comparing the self-complementary folded antenna with two previously discussed antennas, one can
recognize that the self-complementary design has the widest bandwidth among the three though it is
still far from being a wide-band antenna. This frequency dependence is caused by the tight truncation
of the structure so as not to negate the miniaturization. Furthermore, the presence of the dielectric
substrate and feeding network are two factors that tend to break the self-complementary conditions of
the topology. The efficiency/gain of this antenna falls in between the gain of the two previous designs,
which is inline with our expectation. Slot antennas are superior with respect to ohmic loss and printed
wires have the highest ohmic loss. This self-complementary antenna is half slot and half strip. Thus,
the self-complementary design is expected to be better than printed wire, and worse than slot, which
is consistent with the observations summarized in Table 1.

V. SELF-COMPLIMENTARY H-SHAPED ANTENNA

In the self-complementary antenna design of the previous section, the main objective was to maintain
a very small size, regardless of how adversely the required conditions for self-complementary structures
were affected. In this section, a more compatible design with the self-complementary conditions is
introduced. In this design, the miniaturization criteria is relaxed by reducing the end-loading. By
removing all of the loading spiral arms except for one, an H-antenna is obtained. Figure 17 shows the
geometry of this structure fed by a short-circuited microstrip line. Again a substrate with €, = 2.2 and
thickness of 0.787 mm was used to fabricate this antenna. An impedance step in the microstrip line,
as well as two short stubs, were introduced to enhance the impedance matching to a 50¢2 line. The
simulated and measured input return losses of this antenna are illustrated in Fig. 18. As shown in this
figure, a very wide -10 dB bandwidth from 1.35 GHz to 3.2 GHz (2.3:1) is achieved. To demonstrate
the effect of the substrate in perturbing the self-complementarity, the same structure is also simulated
with no dielectric substrate (e, = 1.0). The simulated return loss of this antenna without substrate is
illustrated in Fig. 18, where it demonstrates a considerably wider bandwidth (1.3 GHz-3.9 GHz).

Another source of frequency dependance in the response of the antenna structure in Fig. 17 is
the asymmetry created by the microstrip feed and the corresponding matching network. Comparing
this feeding configuration with those of the perfectly self-complementary structures [15], [16], one can
recognize that the symmetry can only be preserved when the antenna structure has two ports, and the
second port is terminated by a resistance of R, = Zy/2 = 607(2. Using this terminated configuration,
the input impedance of the antenna becomes 60r = 188(2 over a wide frequency band requiring
an additional wide-band matching network, should the antenna be matched to a standard 50¢2 line.
Furthermore, introducing a resistive load reduces the antenna efficiency as mentioned earlier. The
finite extent of the structure is another inevitable factor that deteriorates the frequency independent
performance of the self-complementary antenna.

The far-field characteristics of this antenna is considered next. The bore-sight gain of this antenna
was measured over the spectrum of the operation against that of a wide band calibrated ridged horn.
The total measured gain of the antenna at the bore-sight (6 = 0°) is plotted in Fig. 19, where good
agreement is observed between the simulated and measured values. The slight difference between the
simulated and measured gains is mainly due to the response of the anechoic chamber as well as the
potential multi-path and unwanted radiation by the feeding cable.

Finally, the radiation pattern of this antenna is measured at four frequency points within the antenna
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Fig. 16. Comparison between the measured and simulated radiation patterns of the miniaturized self-complementary
antenna on three different planes of (a): ¢ = 0°, (b): ¢ = 45°, and (¢): ¢ = 90°.
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Fig. 17. The topology of a self-complementary H-antenna fed by a short-circuited microstrip line.
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Fig. 18. Measured and simulated return loss of the H-antenna in Fig. 17, as well as that of the same structure without
dielectric (g, = 1.0).
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Fig. 19. Comparison between the measured and simulated gain of the self-complementary H-antenna as a function of
frequency.
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Fig. 20. Comparison between the measured and simulated gain of the self-complementary H-antenna as a function of
frequency.

band namely, 1.5 GHz, 2.0 GHz, 2.5 GHz, and 3.0 GHz, at three different planes of ¢ = 0°, ¢ = 45°, and
¢ = 90°. Both horizontal (Ey(6)) and vertical (E,(¢)) polarizations were measured. Figure 20 shows
the pattern measurement setup used in the experiment. Figures 21, 22, 23, 24 show the simulated and
measured radiation patterns of the self-complementary H-antenna at 1.5 GHz, 2.0 GHz, 2.5 GHz and
3.0 GHz.

A few points should be explained before comparing the measured patterns with the simulated results.
In the simulation, the dielectric substrate is assumed to be of an infinite extent, which explains the
presence of a null in the simulated E4z(£90°) patterns at all of the frequency points. Another factor
that accounts for some of the discrepancies is the effect of the antenna mount fixture with a larger half-
ground plane. As seen in Fig. 20, the effect of this fixture is minimal in the ¢ = 0° plane. Therefore,
very good agreement is observed between the simulated and measured patterns at all frequency points.
On the other hand, the measurement fixture imposes a null on the E,(§ = —90°) pattern at ¢ = 45°
plane, which is why a weak null is observed in the E, at § = —90°. The remaining patterns agree
rather favorably with the simulation. By the same token, E4(# = 90°) is perturbed due to a weak
null at ¢ = 90° plane. Radiation by the edges of the ground plane and the dielectric, as well as the
radiation by feeding cable are among other reasons for the observed discrepancies.

VI. CONCLUSION

In this paper, two methodologies to increase the bandwidth of miniaturized antennas were inves-
tigated. The first approach was to introduce the folded miniature antenna which may increase the
effective aperture of the miniature antenna without compromising the size drastically, ant the sec-
ond approach was to take advantage of the self-complementary structures to reduce the frequency
dependence of the antenna characteristics. The first approach was demonstrated through introducing
miniaturized folded slot antenna that occupies a region as small as 0.65 g x 0.65\¢ with the measured
gain and fractional bandwidth of -2.7 dBi and 0.93%, respectively. When compared with the original
miniaturized topology [7], the simulation shows a four-time decrease in the slot impedance, and over
100% increase in the simulated bandwidth, while its dimensions (relative to the wavelength) are in-
creased by 13%. The complementary pair of this structure, that is, a miniaturized folded printed wire
was also presented with a moderate bandwidth of 0.7% and measured gain of -6.5 dBi. This gain is
substantially lower (about 3.8 dB) than its slotted counterpart. This reduction in gain indicates that
slot structures are far more suitable for antenna miniaturization when a metallic platform of adequate
size is available to be used as ground plane.
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Fig. 21. Comparison between the measured and simulated radiation patterns of the self-complementary H antenna at
1.5 GHz for three cuts of ¢ = 0°, ¢ = 45°, ¢ = 90°; (a): measurements, (b): simulations.
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Fig. 22. Comparison between the measured and simulated radiation patterns of the self-complementary H antenna at
2.0 GHz for three cuts of ¢ = 0°, ¢ = 45°, ¢ = 90°; (a): measurements, (b): simulations.
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Fig. 23. Comparison between the measured and simulated radiation patterns of the self-complementary H antenna at
2.5 GHz for three cuts of ¢ = 0°, ¢ = 45°, ¢ = 90°; (a): measurements, (b): simulations.
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Fig. 24. Comparison between the measured and simulated radiation patterns of the self-complementary H antenna at
3.0 GHz for three cuts of ¢ = 0°, ¢ = 45°, ¢ = 90°; (a): measurements, (b): simulations.
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The self-complementary pair of these two folded antennas is the third design presented in this pa-
per to exploit the wide-band characteristics of self-complementary structures. Maintaining the same
dimensions, the fractional bandwidth of the self-complementary antenna reaches to 1.1%, which ex-
hibits at least 25% increase over its slotted and printed strip counterparts. The gain/efficiency of this
antenna, as expected, falls between those of the folded slot and printed wire antennas. When minia-
turization criteria is relaxed in exchange for satisfying more of the self-complementarity conditions, a
much wider bandwidth can be obtained, an example of which is an H-antenna. This antenna demon-
strates a very wide -10 dB return loss bandwidth of 2.3:1 and a fairly constant gain of slightly above
1 dBi over the entire frequency band of operation. The dimensions of this antenna are 0.13\y x 0.24 )
at the lowest frequency of operation (1.3 GHz).
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A Novel Approach for Miniaturization
of Slot Antennas
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Abstract—With the virtual enforcement of the required antenna and the radius of the smallest fictitious spherical en-
boundary condition (BC) at the end of a slot antenna, the area closure containing the antenna was derived. This derivation was
occupied by the resonant antenna can be reduced. To achievepssed on the spherical wave function expansion of the fields ra-

the required virtual BC, the two short circuits at the end of . .
the resonant slot are replaced by some reactive BC, including diated from the antenna. Each spherical mode was represented

inductive or capacitive loadings. The application of these loads is PY @n equivalent circuit for which a quality factoff) was
shown to reduce the size of the resonant slot antenna for a given calculated. Since the spherical eigenfunctions are orthogonal,
resonant frequency without imposing any stringent condition on no energy could be coupled among modes. Therefore@the
the impedance matching of the antenna. In this paper, a procedure of the antenna was expressed as a function of@hef indi-

for designing this class of slot antennas for any arbitrary size is vidual modes. Finally, it was shown that the quality factor of

presented. The procedure is based on an equivalent circuit model the | t ord de i | b df f inal
for the antenna and its feed structure. The corresponding equiv- e lowest order mode is a lower bound for #eof a single

alent circuit parameters are extracted using a full-wave forward resonant antenna [2]. A similar approach was adopted by Collin
model in conjunction with a genetic algorithm optimizer. These [5] for cylindrical antennas using cylindrical wave functions to
parameters are employed to find a proper matching network so provide a tighter lower limit on th@ of thin antennas with large

that a perfect match to a 5052 line is obtained. For a prototype slot  agnect ratios. Results of these studies have been summarized and
%Eir:jgi(\;\Q%Z&%r?é?bigngmevvnifrluogs;‘afi)rfll;'?l?gﬁo gzir? ;)25_)50 dtgﬁ referred tq as the fundame_ntal limitations of small antgnnas ['6].
for a very small ground plane (~0.20) ). Since there are neither However, in the aforementioned papers there are no discussions
polarization nor mismatch losses, the antenna efficiency is limited about procedures to design miniaturized antennas.

only by the dielectric and Ohmic losses. In addition to high@, a direct result of antenna miniaturiza-
tion is reduction in the antenna efficiency owing to the relatively
high conduction and/or polarization currents on the conductors
or within the dielectric part of the antenna structure. Further-

. INTRODUCTION more, the matching network of a miniaturized antenna is usu-

HE TOPIC of small antennas has been a subject of inter@y complex and lossy. An example of miniaturized antennas

for more than half a century, but in recent years, it has d& @ meandered antenna where a half wavelength dipole is made
tained significant attention because of an exorbitant demand f§mpact by meandering the wire [7]. A similar approach can be
mobile wireless communication systems. The need for anterfifgPlied to design a meander type slot antenna [8]. In order to in-
miniaturization stems from the fact that most mobile platfornf€ase the efficiency of these antennas by reducing dissipation,
have a limited space for all of the required antennas in ever fhe use of a high temperature superconductor (HTS) has been
creasing wireless systems. Compact antennas are needed s@fRROSed [9], [10]. On the other hand, meandered antennas are
more antennas can be closely packed together without the risk8fy hard to match to a 5@-ine. This difficulty is due to the fact
mutual and parasitic coupling between them. For local area ntat the radiation of almost in-phase electric currents flowing in
works, there is an emerging interest in making antennas snfpPosite directions on closely spaced wires tend to cancel each
enough to ultimately fit on a single chip with the rest of the redther in the far-field region. This cancellation renders a consid-
ceiving front-end. As part of a general trend in monolithic circugrable portion of opposing currents ineffective as far as radia-
integration, using the area of substrate more efficiently is afon efficiency is concerned and leads to a very low radiation
other strong motivation. At low frequencies (HF-VHF), minial€Sistance that might have been increased using a two-strip me-
ture antennas are in high demand, since the antenna size oft@fiered line [11]. Consequently, these antennas are difficult to
imposes a significant limitation on the overall size of a portab/@atch, and yet require a very low temperature of operation to
wireless system. control material losses [12].

Earlier studies on small antennas focused on establishing &nother approach for antenna miniaturization, reported in the

relation between the volume occupied by the antenna to rad?garat_ure, is to use very high dielectric constant materials in di-
tion characteristics and the bandwidth of the antenna [1][4]. fhectric loaded antennas [13], [14]. Obviously, dielectric loading

these studies, a relation between the Quality Facirof the Provides a size reduction factor on the order,gf, for the
leaky dielectric and cavity resonator type antennas (e.g., mi-
crostrip patch antennas), wheteis the relative permittivity of
Manuscript received August 24, 2001; revised February 18, 2002. the dielectric material. This miniaturization method, however,
The authors are with the Radiation Laboratory, Department of Electrical |\E/(§ less effective for terminated transmission line antennas. such
gineering and Computer Science, The University of Michigan, Ann Arbor, MI . . . !
28109 USA. as slot or printed dipole antennas since these antennas see an

Digital Object Identifier 10.1109/TAP.2003.809853 effective permittivity €.¢), which is considerably less than.

Index Terms—Miniaturized antenna, slot antenna.

0018-926X/03$17.00 © 2003 IEEE
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Although this method of miniaturization is susceptible to sur-:
face wave excitation, it might be found beneficial, especially
when the electrical thickness of the substrate is small compare
to the wavelength. It is worth mentioning that this type of an-
tenna miniaturization is not immune to the aforementioned ad: -
verse effects such as high, low efficiency, and complexity in
the matching network.

Nevertheless, there is another important methodology in ar
tenna miniaturization; that is, modifying the antenna geometry
Recently a new topology based on an S-shape quarter wav.
length resonant slot antenna was reported by the authors [1¢
A miniaturized quarter wavelength slot antenna was propose
using a short circuit at one end of the slot and an open circuit & A 0
the other end. The open circuit was realized by a coiled quarte 0l o jusmingauan
wavelength slot-line. Using this design, a very efficient minia- .~ = L Slot Antenna axis (As) o
turized antenna with dimensions of the orded A2\, x 0.12\¢
on a substrate having. = 4.0 was constructed using a mi-
crostrip feed. Fig. 1. Magnetic current distribution on a half wavelength and inductively

In this paper, we propose a novel procedure to desiffiiminated miniaturized slot antenna.

a miniaturized slot antenna where its dimensions (relative

to wavelength) can be arbitrarily chosen, depending on tigere), is the guided wavelength in the slot-line. In (DY
application, without any adverse effects on the impedanggpresents the amplitude of the magnetic current density (elec-
matching. As will be shown, in order to fine-tune the resonagic field across the slotline). This approximate form of the cur-
frequency of this structure, the antenna s first fed by a two-pgent distribution satisfies the short circuit BCs at the end of the
microstrip line, and then the location of the null in the insertiog|ot antenna. If by using an appropriate boundary condition, the
!oss (S21) is found and adjust.ed. To specify the terminatin%agnetiC current density at any arbitrary pojat] < A, /4
impedance at the second portin such a way that a perfect mafghh g the length of a modified slot antenna can be maintained
is achieved, an equivalent circuit for the antenna is proposggh same as tha, /2 slot antenna, then it is possible to make
and its parameters are extracted using a genetic algorithnymalier siot antenna. Any size reduction of interest can be
(GA) in conjunction with a full-wave simulation tool. Finally, 85 chieved so long as the appropriate BCs are in place at the proper
prototype antenna is designed, fabricated, and its performaigge,iion on the slot. Fig. 1 illustrates the idea where it is shown
is evaluated experimentally. that by imposing a finite voltage at both ends of a slot, the de-
sired magnetic current distribution on a short slot antenna can

Il. ANTENNA GEOMETRY be established.

To create a voltage discontinuity, one can use a series induc-
For a resonant slot antenna, one needs to apply two boundar .

. ; tive element at the end of the slot antenna. It should be pointed
conditions (BCs) at both ends of a slot line to form a resonan S : .
. I, out that terminating the slot antenna with a lumped inductance

standing wave pattern. These two conditions are chosen so as ) . . . ) :
. o . of Capacitance is not practical since the slot is embedded in a
to enforce zero electric current (open circuit) for a wire antenna

- . round plane, which can in fact short-circuit any termination.
or zero voltage (short circuit) for the slot antenna, and yield : ; .
0 circumvent this problem, a lumped inductor could be phys-
half-wave resonant antenna. On the other hand, these alterna

IV . o )
BCs result in a smaller resonant length than a half wavelen '?ﬁlﬁy realized by a compact short-circuited slotted spiral. Ta

; S ) . “ensure inductive loading, the length of the spiral slot must be
antenna [16]. One choice which is conducive to antenna minja- : . .
R L L |ess than a quarter wavelength. Instead of a single inductive el-
turization is the combination of a short circuit and an open cir- L . . .
) . ement at each end, it is preferred to use two inductive slotlines
cuit, which allows a shorter resonant length)gf4 [15]. The : . .
! . ; opposite of each other [see Figs. 2(c) and 3]. Since these two
choice of the two BCs, however, is not restricted to the abov . . ) . .
o . . . nductors in the slot configuration are in series, a shorter slot-
conditions, whereas the effect of reactive BCs in reducing the . : . .
- T . Ine provides the required inductive load at the end of the slot
resonant length and antenna miniaturization is investigated in . . ' o
what follows antenna. Another reason for choosing this configuration is that

the magnetic currents flowing in opposite directions cancel each

other’s fields on the planes of symmetry, and thereby, minimize

the near-field coupling effect of the inductive loads on the de-
Starting from a\, /2 slot and in the view of the transmissionsired current distribution along the radiating slot.

line approximation for the slot dipole, the equivalent mag- It should be noted that the mutual coupling within the spiral

netic current distribution along a linear slot antenna can Iséotline reduces the effective inductance, and therefore, a

%, — haffwavesiot |
© 1 =« shortened siot. {

S o o o

=

. Normalized Magnetic Current Density

e 0 o o

A. Slot Radiator Topology

expressed as longer spiral length compared with a straight section [Fig. 2(c)]
is needed to achieve the desired inductance. To alleviate this
M(2) = My cos <1 Z) 0 adyerse effect, a narrower slot width must be chosen for the
As spiral slotline.
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- Ay e TABLE |
SLOTLINE CHARACTERISTICS FORTWO DIFFERENTVALUES OF SLOT WIDTH
7z w, AND THE DIELECTRIC CONSTANT OF&,. = 2.2 AND THICKNESS
s OF h = 0.787(mm) AND f = 300 MHz
(a) w(mm) | \(mm) | Zos(2)
v v 0.5 918 81
« » b < > 3.0 960 107
E le Zs Zyg E
q—ﬁ difficult to tune. Usually, a metallic bridge is needed to suppress
X, X, the odd mode in the CPW. The use of CPW lines also reduces
(b) the effective aperture of the slot antenna, especially when a very
- small antenna is to be matched to a ®Qine. Typically for
a low dielectric constant substrate, the center conductor in the
7 CPW lines at 5® is rather wide and the gap between the center

conductor and the ground planes is relatively narrow. Hence,
feeding the slot antenna from the center blocks a considerable
Zs portion of the miniaturized slot antenna [17]. There are other

methods to feed the slot antenna with CPW lines, including an

inductively or capacitively fed slot [18].

ell

I1l. DESIGN PROCEDURE

In this section, a procedure for designing a novel miniatur-
Fig. 2. Transmission line model of a slot antenna (a) half-wave slot antenfiged antenna with the topology discussed in the previous sec-
(b) Inductively terminated slot antenna. (c) Two series inductive termination%. ] ] ; . "
ion is presented. To illustrate this procedure, a miniaturized slot
{1 fe— T e — s antenna at 300 MHz is designed. This frequency is the lowest
: : frequency at which we could accurately perform antenna mea-

- R S : ‘ . surements in the anechoic chamber, and yet, the miniature an-
30F eI NI Tty o tenna is large enough so that standard printed circuit technology
e I T | L can be used in the fabrication of the antenna. A microwave sub-
Port 1 I:ll ID' porto  Strate with a dielectric constant ef = 2.2, a loss tangent of
10/ e : o tand ~ 1072, and a thickness of 0.787 mm (31 mil) [19] is
| I 3 : f / considered for the antenna prototype.

y [mm]

As the first step, the basic transmission line model is em-
ployed to design the antenna and then, a full-wave Moment
Method analysis is used for fine tuning. Table | shows the finite
ground plane slotline characteristic impedatfge and guided

{58 “PeEeY P ERR S Ynemec wavelength), for the above mentioned substrate and for two
7 VR SRR N— SOOI I SO slot widths ofw = 0.5 mm andw = 3.0 mm, all at 300 MHz.
: ; ‘ : : As mentioned before, the antenna size can be chosen as a de-
=50 —10 20 o 20 20 80 sign parameter, and in this example, we attempt to design a very
x [mm] small antenna with a length df = 55 mm = 0.05)¢. A slot

a3 P g ted b ) - teed Tvyidth of w = 3 mm is chosen for the radiating section of the
ig. 3. Proposed antenna geometry fed by a two-port microstrip feed. g :
two-port geometry is used to find out the exact resonant frequency of t}#EOt antenna. A slot anteqna whose radiating SlOt. segment is of
inductively loaded slot. a length?, should be terminated by a reactance given by

2
B. Antenna Feed X; = Zgs tan /\—W 4 )

S

A microstrip transmission line is used to feed this antenna. o ) S
The choice of the microstrip feed, as opposed to a coaxial lifl@,order to maintain the magnetic current distribution of.#2
is based on the ease of fabrication and stability. This feed strigSonant slot antenna (see Fig. 2). In (2)
ture is also more amenable to tuning by providing the designer 1 (/\S £)

3

with an additional parameter. Instead of short-circuiting the U= 2\ 3

microstrip line over the slot, an open-ended microstrip line with

an appropriate length extending beyond the microstrip-slahdZy; and\ are the characteristic impedance and the guided

crossing point (additional parameter) can be used. wavelength of the slotline, respectively. As mentioned before,
A coplanar waveguide (CPW) can also be used to feed tthe required terminating reactanceXof can be constructed by

antenna providing the ease of fabrication, whereas it is mdweo smaller series slotlines. Denoting the length of a terminating
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slotline by¢”, as shown in Fig. 2(c), the relationship between tt 150

required reactance arfd is given by

X 2
2t 7 tan— ¢ 4)

whereZ_ and)\, are the characteristic impedance and the guid:

wavelength of the terminating slotline. A narrower slot is use2

to construct the terminating slotlines so that a more compzé

configuration can be achieved. As shown in Table I, the ne§ _aol

rower slotline has a smaller characteristic impedance and guic

wavelength which results in a slightly shorter length of the te

mination ¢”’). Although/” is smaller thar?’, the actual minia- -40r

turization is obtained by winding the terminating line into ¢ — 8, Magnitude ; 1=:= §,, Phase

compact spiral as seen in Fig. 3. N el R O O O N O M| O
According to (2) and (4), and also the values for the guide 025 026 027 028 029 03 031 032 033 034 035

wavelengths¢” is found to be/” = 193.7 mm. Referring to Frequency [GHz]

Fig. 3, the_vertical dimension (along theaxis) of the rect- Fig. 4. S-parameters of the two-port antenna shown in Fig. 3.

angular spiral should not exceed half of the length of the ra-

diating slot segment/J. This constraint on the inductive rect-

angular spiral is imposed so that the entire antenna structure

can fit into a square area of 55 mm 55 mm, which is about

Gs
0.05Xq x 0.05)¢. Since the dielectric constant and the thickness
of the substrate chosen for this design are very lowf 2.2),

|
n
o

Phase [degree]

LN ~4-100

~.
~.
~

1-150

the guided wavelength\( = 96 cm) is not very much different

from that of free space\( = 100 cm). Thus, the miniaturization -
is mainly achieved by the proper choice of the antenna topology. =
Itis worth mentioning that further size reduction can be obtained

once a substrate with higher permittivity is used.

Lg Lg
IV. FULL-WAVE SIMULATION AND TUNING

PORT 1
¢ 1H0d

In Section Ill, the transmission line model was employed for c c
designing the proposed miniature antenna. Although this model o ¢
is not very accurate, it provides the intuition necessary for de- T T
signing the novel topology. The transmission line model ignores
the coupling between the adjacent slot lines and the microstFip- 5. Topology of the equivalent circuit for the two-port antenna.
to slot transition. For calculation of the input impedance and
exact determination of the length of different slotline segmengsquivalent circuit model for the two-port device when the tran-
a full-wave simulation tool is required. IE3D, a commerciallgition between microstrip and slot line is represented by anideal
available Moment Method code is used for required numeridaansformer with a frequency dependent turn raiit) (21], and
simulations [20]. the slot is modeled by a second order shunt resonant circuit near

Fig. 3 shows the proposed antenna geometry fed by a two-pitstresonance [22]. The radiation conducta6Gewhich is also
50 ©2 microstrip line. The two-port structure is constructed teeferred to as the slot conductance, attains a low value that cor-
study the resonant frequency of the antenna as well as the tna@sponds to a very high input impedance at the resonant fre-
sition between microstrip and the slot antenna. The microstgpency. However, this impedance would decrease considerably,
line is extended well beyond the slot transition point so that theéhen the frequency moves off the resonance. The 4 MHz offset
port terminals do not couple to the slot antenna. The radiatimgthe resonant frequency of the antenna is maintained for this
slot length is chosen to bé = 55 mm, and the length of the purpose.
rectangular spirals are tuned such that the antenna resonates ldaiving tuned the resonant frequency of the antenna, coupled
300 MHz. The resonance at the desired frequency is indicatedhe two-port microstrip feed (Fig. 3), we need to design a loss-
by a deep null in the frequency responsesef. The simulated lessimpedance matching network. This can be accomplished by
S-parameters of this two-port structure are shown in Fig. 4. Thisoviding a proper impedance to terminate the second port of
figure indicates that the antenna resonates at around 304 Mt microstrip feed line. To fulfill these tasks systematically, we
which is close to the desired frequency of 300 MHz. In fact, theeed to extract the equivalent circuit parameters shown in Fig. 5.
resonant frequency of the radiating structure must be chosemtahould be pointed out that for the proposed miniaturized slot
a slightly higher or lower frequency. The reason is that smalhtenna, a simplistic model for standard size slots, which treats
slot antennas have a low radiation conductance at the first redee slot antenna as an impedance in series with the microstrip
nance and therefore, it should be tuned slightly off-resonancdiiife is not sufficient. Essentially, the parasitic effects caused by
it is to be matched to a 5Q-transmission line. Fig. 5 shows anthe coupling between the microstrip feed and rectangular spirals
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x107° Simulated Y-parameters {deembedded) x 107 TABLE I
4 I j j j 4 THE PARAMETERS OF THEGENETIC ALGORITHM OPTIMIZER
_ F{ealY11 = ImagY11
- - Real¥,, // """ Imag Y, Population Size 300
e T Number of Iteration || 50,000
2r e 12 Chromosome Length 128
- .,/" PCrossover 0.55
’/‘, PMutation 0.005
@ oot @,
= or pra 02
g E
- TABLE 11l
Pie THE EQUIVALENT CIRCUIT PARAMETERS OF
o THE MICROSTRIPFED SLOT ANTENNA
ol e 1o
7 Turn Ratio (n) || 0.948007
_____________ RS(Q) 33979
___________ Lo(uH) 0.0207
- 020 0205 03 0305 031 0315 083 CapF) 13.1744
' ’ Frequency [GHzZ] ' ’ L,(uH) 0.49997
Cg(pF) 0.125

Fig. 6. Y-parameters of the two-port antenna after deembedding the
microstrip feed lines.

According to the lumped element model of Fig. 5, ihgparam-

. ) . eters are given by
as well as the mutual coupling between the radiator section and

i i i i —j 1 , 1
the rgctangular spirals should also be included in the equivalent Yip = J — [Gs ny <C’Sw . )} (5)
circuit. Lyw— [opm s
Yo =——|a.+j(c ! ©6)
A. Equivalent-Circuit Model 20T s T | B Lw)|’

In this section, an equivalent circuit model for the proposetds'ngt rlctemprocny.lar;)d nﬁtlng :Ee syin;"netry g;the_e}(/quwalent
antenna is developed. This model is capable of predicting tHE“Y! ,:jcatn eastl y tetff own' 5:@1 t_ 122 .::m 21 _t 12 GA
slot radiation conductance and the antenna input impedanc 1 order fo extract the equivalent circuit parameters, a

near resonance. This approach provides very helpful insight imization code has been deyeloped and |mpleme_:nted_ [26].
to how this antenna and its feed network operate. As mention sum of the squares of relative error for real and imaginary

before, this model is also needed to find a proper matchiﬁﬁrts ofY -parameters over 40 frequency points around the res-
networ,k for the antenna onance is used as the objective (fithess) function of the opti-

N tf ies. the slot ant b d ization problem. We ran the program with different random
b ear relsonan :jeqlijenc}'?efé © S'(t) S_n en?ha car|1t € Modeifithher seeds to ensure the best result over the entire domain
y a simple second order clrcuit. Since Ine Vollage acrossy,q parameters space. Also, the parameters were constrained

the slot excites the slot antenna at the feed point, itis approprigmy to physical values in the region of interest. The parameters

to use the shunt resonant model for the radiating slot as shog\fr}he GA optimizer are shown in Table I1. Table Il shows the

in Fig. 5. The coqphpg between the mlc_rostrlp and Fhe slot Btracted equivalent circuit parameters after 50,000 iterations.
modeled by a series ideal transformer with a turn ratio The S-parameters of the equivalent circuit as well as

To model the feeding mechanism right at the cross junctigRe g-parameters extracted from the full-wave analysis are

of the microstrip and slot, it is necessary to deembed the effgffo\n in Fig. 7. Excellent agreement is observed between the
of the microstrip lines between the terminals and the crossifg|.\wave results and those of the equivalent circuit.

points. There are different deembedding schemes reported in

[24] and [25]. The advgntage of proper deembedding, as Q- antenna Matching

posed to the mere shifting of the reference planes by the corre- ) o 7
sponding phase factor is to exclude the effect of radiation andaving found the equivalent circuit parameters, the antenna’s
other parasitic effects of the line. matching network can readily be designed. For matching net-

To model the parasitic coupling of the microstrip line and thvélorks’ especially when efficiency is the main concern, lossless

slot (coupling of radiated field from the microstrip line and Slot)termmatlons are usually desired. Therefore, we seek a purely re-

two additional parasitic parameters, namdly,andC, are in- active admittance to terminate the feed line, which in fact is the

cluded in the model. The use of shunt parasitic parameters E}(.)??d for the second port of the two-port equivalent circuit model.

S - : - )
previously been suggested to model the effects of fields as per-e explicit expression for a termination admittantg) (o be

turbed by a wide slot [23]. Fig. 6 shows the deembeddaga- placed at the second terminal of the two-port model in order to

rameters of the two-port microstrip-fed slot antenna where tﬁ%amh the impedance of the antenna is given by

location of deembedded ports are shown in Fig. 3. Note that Y5
these two ports are now defined at the microstrip-slot junction. Ve=-Yu+ Y- Y,

()
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0 -10 TABLE IV
Loos| % THE PHYSICAL LENGTH OF THE50<2? MICROSTRIPLINE NEEDED FOR
’ -20 REALIZING THE TERMINATION SUSCEPTANCE WHERE THE DIELECTRIC
@ -01 Y MATERIAL PROPERTIES ARE ASSPECIFIED IN TABLE |
=) =-30 2
»-0.15 & !
SR A B — 3 e U
-02 ~0-_Eaqv. Circuit Yi(s) 754 x107* | —j1.14 x 10~
_o g EQV. Circult s | . X (mm) 725.57 704.52
0.295 0.3 0305 0.31 0.315 0.295 0.3 0305 0.31 0.315
Frequency [GHz] Frequency [GHz] ZO (Q) 50 50
o 10 Line extension (mm) 3.1514 345.80
)‘ AR00000000000000000
[ g s
o) o
§‘ 0 i 0 preeee e et ST e, TS ey
3 g 0 i : : : : : i ;
& -5 £ — : .
b - . & -50 =0~ Eqv. Circuit 20} B e Y B B EESEEEREK
w —10f| — Simulation » 1 f
_B§295 0.3 0305 0.31 0.315 _1%(.)295 0.3 0.305 0.31 0.315 ‘ -
Frequency [GHZ] Frequency [GHz] 10| - = offeeeeeeed
Fig. 7. Comparison between the full-wave simulatggarameters of the ¢ : Hl strip
antenna and that of the equivalent circuit. E 0 oo [ slot
2 : : :
x107° i ‘ ' ‘ - ' i
T T T R T4 ) EERERERRPS . - - - |- - = | R
Terminating Admittance ‘ ; : : !
=10 for Loss-less Matching =~ 1 ool 1] ﬂ_T” 1EERN ”TJ 111
> - - : - -
o 5 : F . ; . . 3
: ; —30 ; ‘ ; ; > ; ; j
of : : -40 -30 -20 -10 0 10 20 30 40
; ; X [mm]
0.295 .3 €.305 0.31 0.315
Frequency [GH Fig. 9. The geometry of the antenna and its feed designed to operate at
x16™ 300 MHz.
= L | port capacitively. The second possibility is to tune the antenna
> slightly above the slot resonance and terminate the second port
@ . .
E_qL 4 inductively.
: , Based on what is shown in Table IV, a very short open-ended-
A A o microstrip line extension is required at the second port, in con-
0.295 .3 0.305 0.31 0.315 ; ; ;
trast with a quarter wavelength extension for an ordinary half

Frequency [GHZ] . . .
wavelength slot antenna. This short extension introduces a small

Fig.8. The required terminating admittance for the second port of the two-p@apacitance, which compensates the additional inductance in-
model in order to match the antenna to atGine. troduced as a result of operating below resonance. After tuning
the antenna, the original slot resonant frequency at 304 MHz,
Fig. 8 shows the spectral behaviorigffor a standard 58  shifts down to the desired frequency of 300 MHz, as shown in
line (Yo = 0.02 U). Interesting to note are the two distinclrig. 8 and Table IV.
frequency points at which the real part Bf vanishes. This
implies that we can match this antenna at these two frequency
points, namely, 300 and 309 MHz. As mentioned earlier,
a small slot antenna has a very low radiation conductanceln this section, simulation results for the proposed antenna
The value of this low conductance, shown in Table lll, sugare illustrated. Fig. 9 shows the antenna geometry matched to a
gests a very high input impedance of the ordeBoK at 50 line. As seen in this figure and suggested by Table IV, the
resonance, considering the transformer turn ratio. Thus, faed line has been extended a short distance beyond the slot line.
order to match the antenna to a lower impedance transmissidre width of the microstrip, where it crosses the slot, is reduced
line, the matching should be done at a frequency slightso that it may block a smaller portion of the radiating slot. It is
off the resonance. At an off-resonance frequency, the inpabrth mentioning that the effect of the feed linewidth on its cou-
impedance does not remain a pure real quantity, howewgling to the slot was investigated, and it was found that as long
the imaginary part can easily be compensated for by as the linewidth is much smaller than the radiating slot length,
additional reactive component created by an open-ended thie equivalent circuit parameters do not change considerably.
crostrip. At each resonance, there are two possibilities. One posAs mentioned, the antenna has been simulated using a com-
sibility is to match the antenna slightly below the slot regnercial software (IE3D) [20]. Using this software, the return
onance, that is 304 MHz (Fig. 4), and terminate the secofabs (S11) of the antenna is calculated and shown in Fig. 10. In

V. ANTENNA SIMULATION AND MEASUREMENTS
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O T T — - TABLE V
e, — Simulation ANTENNA CHARACTERISTICS AS AFUNCTION OF TWO DIFFERENT SIZE
""" Measurement GROUND PLANES COMPARED WITH THE SIMULATED RESULTS FOR THESAME
: ANTENNA ON AN INFINITE GROUND PLANE
5t
Ground-Plane Resonant | Return | Antenna
: - : size frequency | Loss Gain
B L S :f ............................. T P 4 [cm] {M_Hz] | {dB] [de]
3 1 : 1 21 x 18 298.1 —27 —30
w: : P : 58 x 43 298.8 —30 0.6
-15 . simulation(co) 300 <—30 ;. 0.75
o]
-20 - R
-10
_o5 ; = ;
0.29 0.295 0.3 0.305 0.31

1
N
(=]

Frequenéy [GHz]

Fig. 10. Measured and simulated return loss of the miniaturized antenna. _30

— Co-—polarized H-plane
==~ X-polarized H—plane

»=+= Co-polarized E~plane | |
****** X-polarized E-plane
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Fig. 12. Simulated radiation pattern of the miniaturized antenna.

under polarization-matched condition using a standard antenna
whose gain is known as a function of frequency. The gain of
—3 dBi (relative to an isotropic radiator) was measured. Having
perfectly matched the impedance of the antenna, the simulated
efficiency of this antenna is found to he= 87% (—0.6 dB),
which can exclusively be attributed to dielectric loss. Obviously,
the contribution of the conductor loss, which is the main source
of dissipation in slot antennas, is not accounted for in the sim-
Fig. 11. A photograph of the fabricated antenna. ulated antenna efficiency. The simulated radiation efficiency is
the ratio of the total radiated power to the input power of the

order to experimentally validate the design procedure, equi 1tenna. The directivity of this antenna (with infinite ground

lent circuit model, and simulation results, the antenna was falf? gng) was computed to b - 2.0 dB. This value of direc-
cated on a 0.787-mm-thick substrate with= 2.2 andtan § = tivity is very close to that of a dipole antenna. Based on the def-
0.001 inition of the antenna gain [16], under the impedance matched

ggpdition, one might expect to measure the maximum gain of

Fig. 11 shows a photograph of the fabricated antenna. The
turn loss 61,) of the antenna was meas_ured usir_lg a calibrated G=n-D=-06dB+2.0dB=1.4dB 8)
vector network analyzer and the result is shown in Fig. 10. The
measured results show a slight shift in the resonant frequerioythis antenna. There is still a considerable difference between
of the antenna=£1%) from what is predicted by the numer-the measured and simulated gains (about 4.4 dB), which stems
ical code. The errors associated with the numerical code cofildm two major factors, in addition to the ohmic loss of the
contribute to this frequency shift. This deviation can also be aground plane. First, in the simulation, an infinite ground plane is
tributed to the finite size of the ground plarie211y x 0.18\g assumed, whereas the actual ground plane size for the measured
for this prototype, knowing that an infinite ground plane is asntenna is approximatel;2\g x 0.2)Aq. As the ground plane
sumed in the numerical simulation. The shift in the resonant freize decreases, the level of electric current around the edges in-
quency resulted from the finite size of the ground plane for sloteases considerably. This increase in the level of the electric
antennas is discussed in [15]. current results in an additional ohmic loss compared to the in-

The far-field radiation patterns of the antenna were measutfadte ground plane. Another reason is that as the ground plane
in the anechoic chamber of The University of Michigan. Theize decreases, the directivity of the slot antenna is reduced. Ba-
gain of the antenna was measured at the bore-sight directgically, as the ground plane becomes smaller, the null in the pat-
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Fig. 13. Measured radiation patterns of the antenna with a sthalh{ x

0.2)\0) and a larger@.5Aq x 0.5Aq) Ground Plane (GP): (a) H plane pattern.

(b) E plane pattern.

shown in Fig. 12. It is seen that the simulated radiation pattern
of the proposed antenna with an infinite ground plane is almost
the same as that of an infinitesimal slot dipole. Fig. 13(a) and
(b) show the normalized co- and cross-polarized radiation pat-
terns of the H and E plane, respectively, for two different ground
planes. As expected, the null in the H plane radiation pattern is
filled considerably, owing to the finite ground plane size. The
ground plane enforces the tangentiafield, £;(#), to vanish
along the radiating slot @& = 90°, which in fact creates the
null in the H plane pattern. On the other hand, a deep null in
the measured E plane pattern is observed, whereas in simula-
tion this cut of the pattern is constant except at the dielectric-air
interface where the normdf-field is discontinuous. This null

in the E plane is the result of the cancellation of fields, which
are radiated by the two opposing magnetic currents. The equiv-
alent magnetic currents, flowing in the upper and lower side of
the ground plane, are in opposite directions and consequently,
their radiation in the point of symmetry at the E plane cancel
each other. However, in the case of an infinite ground plane, the
upper and lower half-spaces are isolated, and therefore, the E
plane radiation pattern remains constant.

Moreover, an increase in the measured cross-polarized com-
ponent is observed as compared with the simulation results. Al-
though it may seem that there is a considerable cross-polariza-
tion radiation due to the presence of spiral slots at the termi-
nations, there is no such component in the principal planes as
well as thep = +45° planes since the geometry is symmetric
with respect to those planes. The cross polarization appeared
in these measurements is mainly caused by radiation from the
edges as well as the feed cable. The contribution of the anechoic
chamber, giving rise to the cross-polarized component at the low
frequency of 300 MHz, is also a factor. The radiated field of the
antenna is always capable of inducing currents on the feeding
cable, especially when the ground plane size is very small com-
pared to the wavelength. Then, the induced currents re-radiate
and give rise to the cross polarization. Nevertheless, both of the
above mentioned sources for the cross polarization can be elim-
inated by increasing the ground plane size.

VI. CONCLUSION

tern diminishes and the pattern approaches that of an isotropign this paper, a procedure for designing a new class of minia-
radiator. The reduction in the directivity of the slot antenna withirized slot antennas was proposed. In this design the area oc-
a finite ground plane can also be attributed to the radiation fragipied by the antenna can be chosen to be arbitrarily small, de-
the edges and surface wave diffraction [27]. To further study thending on the applications at hand and the tradeoff between
effect of the size of the ground plane, the same antenna witha antenna size and the required bandwidth. As an example, an
slightly larger ground planéd(58)¢ x 0.43)o) was fabricated antenna with the dimensiofis05\, x 0.05), was designed at
and measured. Table V shows the comparison between the3@e MHz and perfectly matched to a SDtransmission line.
diation characteristics of these two antennas and simulated |fethis prototype, a substrate with a low dielectric constant of
sults. As explained, when the size of the antenna ground plane= 2.2 was used to ensure that the dielectric material would
increases, the gain of the antenna increases @0 dBi to not contribute to the antenna miniaturization. An equivalent cir-
0.6 dBi, which is almost equal to the gain of a half waveleng@uit for the antenna was developed, which provided the guide-
dipole and very close to the simulated value for the antenna gdiRes necessary for designing a compact lossless matching net-
Finally, the radiation patterns of the proposed antenna in tiverk for the antenna. To validate the design procedure, a proto-
principal E and H plane were measured and compared with tigpe antenna was fabricated and measured at 300 MHz. A per-
theoretical ones. For H plane pattern, we meashgd) inthe fect match for this very small antenna was demonstrated with
¢ = 90° plane, and for E plane patterfiy (#) was measured in a moderate gain of 3.0 dBi when the antenna is fabricated on
the¢ = 0°. The simulated radiation patterns of this antenna asevery small ground plane with the approximate dimensions of
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0.2Xg x 0.2)¢. The gain of this antenna can increase to that 0f24] M. Fariana and T. Rozzi, “A short-open deembedding technique for
a half-wave dipole when a slightly larger ground plane of about method-of-moments-based electromagnetic analy#egE Trans. Mi-

crowave Theory Techvol. 49, pp. 624-628, Apr. 2001.

0.5A0 x 0.5 is used. The fractional bandwidth for this antenna,s; | " zny and K. wu, “Unified equivalent-circuit model of planar
was measured to be 0.034%. discontinuities suitable for field theory-based CAD and optimization
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Design of an Efficient Miniaturized UHF
Planar Antenna

Kamal Sarabandiellow, IEEE,and Reza Azadegatudent Member, IEEE

Abstract—in this paper, the design aspects and the measured circuit model, Chu was able to derive the Q factor of the equiv-
results of a novel miniaturized planar antenna are described. alent circuit for each spherical mode in terms of the normalized
Such architectural antenna design is of great importance in yaqjys(a/A) of the smallest sphere enclosing the antenna. In [2]
mobile military communications where low visibility and high it is also shown that the Q of the lowest order mode is a lower
mobility are required. Slot radiating elements, having a planar b d for th f 2 sinal hi bi
geometry and capable of transmitting vertical polarization when Pound for the Q of a single resonant antenna. This subject was
placed nearly horizontal, are appropriate for the applications revisited by Wheeler [3], Harrington [4], and Collins [5]. In [5],
at hand. Slot antennas also have another useful property, so far a similar procedure is used for characterization of a small dipole
as impedance matching is concerned. Basically, slot dipoles cangntenna using cylindrical wave functions. Then a cylindrical en-

easily be excited by a microstrip line and can be matched 10 g0 o rface is used which produces a tighter lower bound for
arbitrary line impedances simply by moving the feed point along

the slot. Antenna miniaturization can be achieved by using a high the Q of small antennas with large aspect ratios such as dipoles
permittivity or permeability substrate and superstrate materials and helical antennas. Qualitatively, these studies show that for
and/or using an appropriate antenna topology. Here, we demon- single resonant antennas, the smaller the maximum dimension
strate miniaturization by designing an appropriate geometry for  of an antenna, the higher is its Q or, equivalently, the lower is
a resonant narrow slot antenna. A very efficient radiating element its bandwidth [6]. However, in these papers no discussion is

that occupies an area as small a8.12\, x 0.12), is designed . . o
and tested. Simulation results, as well as the measured input Provided about miniaturization methods, antenna topology, or

impedance and radiation patterns of this antenna, are presented. impeda.nce.matching. . . _ .
This structure shows a measured gain of 0.5 dBi on FR4 substrate, Considering wave propagation where line-of-sight communi-

which has a loss-tangent of the order of 0.01. Also, the effect cation is an unlikely event, such as in an urban environment or

of finite ground plane size on gain and resonant frequency is gyer jrregular terrain, carrier frequencies at the HF~UHF band
investigated experimentally. are commonly used. At these frequencies, there is considerable

Index Terms—Miniaturized antennas, small antennas, slot penetration through vegetation and buildings, wave diffraction
antennas. around obstacles, and wave propagation over curved surfaces.
However, at these frequencies, the size of efficient antennas are
I. INTRODUCTION relatively large, and therefore, a large number of such antennas

) _ may not fit in the available space without the risks of mutual

W'TH THE advent of wireless technology and ever ingqpling and co-site interference. Efficient antennas require di-

'V creasing demand for high data rate mobile communisensions of the order of half a wavelength for single frequency
cations the number of radios on military mobile platforms hasyeration. To cover a wide frequency range, broadband antennas
reached a point that the available real estate for these antermg§ be used. However, dimensions of these antennas are com-
has become a serious issue. Similar problems are also emergiaghp|e 10 or larger than the wavelength at the lowest frequency.
in the commercial sector where the number of wireless serviggssides, depending on the applications, the polarization and the
planned for future automobiles, such as FM and CD radiq§irection of maximum directivity for different wireless systems
analog and digital cell phones, GPS, keyless entry, etc., is QBerating at different frequencies may be different and hence a
the rise. . o single broadband antenna may not be sufficient. It should also

To circumvent the aforementioned difficulties to some &f5¢ poted that any type of broadband antenna is highly suscep-
tent, antenna miniaturization and/or compact multifunctionglye o electronic warfare jamming techniques. Variations of
antennas must be considered. The subject of antenna miniatfiopole and dipole antennas in use today are prohibitively
ization is not new. Literature concerning this subject dates bq%lfge and bulky at HF through VHF.
to the early 1940s [1], [2]. To our knowledge, the fundamental |, this paper, the topology of an efficient, miniaturized, res-

limitations of small antennas were first addressed by Chu hant slot antenna is presented, and then its radiation, input
1948 [2]. Using a multipole expansion and a clever equivalenedance, and bandwidth characteristics are investigated. This
class of antennas can simultaneously exhibit band selectivity
and antijam characteristics in addition to possessing a planar

Manuscript received February 6, 2001; revised April 4, 2002. This wor] fructure f.i”d low pl’(?flle,_ which is eaS|Iy mtegrable with other
and microwave circuits.

was supported in part by the US Army Research Office under contr ) : . )
DAA-99-1-0197 and by CACI Technologies, Inc. In what follows, we first investigate the design aspects of a

The authors are with the Radiation Laboratory, Department of Electrical Eminiaturized resonant slot spiral (coiled dipole) at low frequen-
gineering and Computer Science, The University of Michigan, Ann Arbor, MI. P ( P ) q

48109-2122 USA (saraband@eecs.umich.edu; azadegan@eecs.umich.ed§i€S- It is shown that although a very good impedance match
Digital Object Identifier 10.1109/TAP.2003.812239 can be achieved, these antennas do not radiate efficiently. Then,
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Fig. 1. The geometry of an (a) equiangular and (b) cornu resonant spiral antennas.

an alternate novel design for the construction of an efficient The main problem in these designs seems to stem from the
miniature antenna is considered, and the design aspects, infadt that the far-field generated by opposing equivalent mag-

dition to the simulated results, are described. In Section Ill, tietic currents along a resonant spiral antenna tend to cancel.
measured radiation characteristics of a prototype miniaturiz&d investigate whether ohmic losses are responsible for the
antenna operating around 600 MHz is presented to validddev antenna efficiency, a similar antenna having the same
the design procedures and simulations. Finally the effect géometry and substrate dielectric constant were constructed
the finite size ground plane on this type of slot antenna ising a different dielectric quality factor and copper thickness.

addressed. It was found that ohmic losses were not responsible for the
lack of antenna efficiency to the degree observed in our mea-
II. DESIGN OF AMINIATURIZED UHFE ANTENNA surements. By putting absorbers around the feed cable and

antenna positioner, it was found that these antennas produce a

Equiangular and Archimedean spiral antennas [7], [8] a{/%ry strong near field which can excite current on the nearby
commonly used as broadband antennas. These antennas bﬁj‘é’cts, such as the cable feeding them and the antenna posi-
ally have an arm length larger than a wavelength. Not much has,er The current induced on these objects in turn radiated

been reported about the performance of spiral antennaswhen[méeinput power, but not necessarily in the direction of the
arm length is half of the guided wavelength (a resonance confizximum antenna radiation pattern.

tion). One obvious reason is that slot spiral antennas are usually gitferent topology for a miniaturized resonant slot dipole
center fed where at the first resonance the input impedancqsi§ought that does not have the drawbacks of the previously
very high and impedance matching becomes practically impQgscussed spiral and cornu geometries. A major reduction in
sible. However, if we allow the feed point to be moved to onge s achieved by noting that a slot dipole can be considered
end of the arm, impedance matching to transmission lines Wig transmission line resonator where at the lowest resonant
typical characteristic impedances seems possible. frequency the magnetic current (transverse electric field in
First, an equiangular spiral slot, as shown in Fig.1 (a), is cofke slot) goes to zero at each end of the dipole antenna. As
sidered. Using electrostatic analysis, the guide wavelength ofntioned before at this frequency the antenna lehgth\, /2
slot line with finite ground plane was calculated. The calculat%ere)\g is the wavelength of the quasi-TEM mode supported
guide wavelength was used to design an arm length,¢2. by the slot line\, is a function of substrate thickness, dielectric
The spiral was fed from the outer end using a microstrip lingenstant, and the slot width, which is shorter than the free-space
The location of feed point along the arm was found by triglavelength. In view of transmission line resonators, one can
and error until a good match was achieved. Also, a slot dipod¢so make a quarter-wave resonator by creating a short circuit
(A/2) coil around two center points (cornu spiral) as shown igt one end and an open circuit at the other end. However,
Fig.1 (b) was considered. For this antenna, the microstrip fegeating a physical open circuit for slot lines is not practical.
was coiled around one arm on the other side of the substratge new design borrows the idea of nonradiating tightly coiled
(over the ground plane) in order to feed the slot near an eglt spiral from the previous design. Basically, a spiral slot of a
point. Again by trial and error the location of feed point for besjuarter wavelength and shorted at one end behaves as an open
impedance match was found. A return loss of better than 20 dBcuit at the resonant frequency. Therefore, a quarter-wave
for these antennas was obtained. However, gain measurenguf line short-circuited at one end and terminated by the
of these antennas showed poor radiation efficiencies (less thamradiating quarter-wave spiral should resonate and radiate
—10 dB.) The efficiency of the cornu spiral was higher than thelectromagnetic waves very efficiently. With this topology the
simple spiral antenna, however, neither showed an acceptadite of the slot dipole can be reduced by approximately 50%.
level of antenna efficiency. Far-field pattern and gain measuiédrther reduction can be accomplished by bending the radiating
ments at 60 MHz were carried out in an outdoor slant rangection. This bending procedure should be done so that no
using a boom truck and two antenna positioners. section of the resulting line geometry carries a magnetic current
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Fig. 2. Magnetic current distribution on the UHF miniaturized slot antenna at the resonance frequency (600 MHz). The figure shows the groutelgflane si
the antenna and the meshing configuration used in the method of moments calculations. PICASSO software was used in these calculations.

opposing the current on any other sections. Fig. 2 shows {8 The microstrip feed is constructed from two sections: 1) a
geometry of atypical, /4 compact resonating slot antenna. Th&0(2 line section and 2) an open-ended@®@ne. The 82 line
radiating section is terminated with two identical quarter-wavs thinner which allows for compact and localized feeding of the
nonradiating spiral slots to maintain the symmetry. It was foursglot. The length of this line is adjusted to compensate for the re-
that by splitting the magnetic current at the end into equal aadtive component of the slot input impedance. Noting that the
opposing magnetic currents the radiation efficiency is enhancstbt appears as a series load in the microstrip transmission line,
Since the magnetic current distribution attains its maximumnline length of less than,,/4 compensates for an inductive
at the end of the quarter-wave line, the magnetic current ieactance and a line length of longer than/4 compensates
the beginning segments of a single (unbalanced) quarter-wé®ea capacitive reactance. Herg,, is the guided wavelength
spiral reduces the radiation of the radiating section. But tloe the microstrip line. First, a quarter wavelength section was
opposite magnetic currents on two such spirals simply canoélosen for the length of the microstrip line feeding the slot. In
the radiated field of each other, and as a result, the radiated fithis case, the simulation predicts the impedance of the slot an-
of the radiating section remains intact. Some additional sigenna alone. Through this simulation, it was found that the slot
reduction can also be achieved, by noting that the strength of tidenna fed near the edge is inductive. So, a length less than
magnetic current near the short-circuited end of the radiating, /4 is chosen for the open-ended microstrip line to compen-
section is insignificant. Hence, bending this section of the lirgate for the inductive load. The real part of input impedance of
does not significantly reduce the radiation efficiency despiteslot dipole depends on the feed location along the slot and
allowing opposing currents. In Fig. 2 the T-top representsiiacreases from zero at the short-circuited end to about 2D00
small reduction in length of the line without affecting theat the center (quarter wavelength from the short circuit). This
radiation efficiency. This antenna is fed by an open endgdoperty of the slot dipole allows for matching to almost all
microstrip line. A quarter wavelength line corresponds to @ractical transmission lines. The crossing of the microstrip line
short-circuit line under the slot. However, using the length aiver the slot was determined using the full-wave analysis tool,
the microstrip line as an adjustable parameter, the reactive g@itCASSO) and by trial-and-error. The uniform current distri-
of the antenna input impedance can be compensated for.bution over the 50 line section indicates no standing wave pat-
Figs. 2 and 3, respectively, show the electric current distribtern, which is a result of a very good input impedance match.
tion on the microstrip feed and the magnetic current distribution Apart from the T-top section, the quarter-wave radiating sec-
on the slot of the compact UHF antenna designed to operateiam of the slot dipole is composed of three slot line sections, two
600 MHz. For this design, we chose an ordinary FR4 substratertical and one horizontal. Significant radiation emanates from
with thickness of 3 mm (120 mil) and dielectric constant 4. the middle and lower sections. Polarization of the antenna can
PiICASSO software was used for the simulations of this antenba chosen by changing the relative size of these two sections.
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Fig. 3. Electric current distribution on the microstrip feed of the slot anten

at the resonant frequency.
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1
Dielectric Loss tangent {tan(3))

, there is no discontinuity in the magnetic current

0.56

Fig. 5. Measured magnitude of reflection coefficient of three miniaturized
UHF slot antennas, described in Table | and shown Fig. 7, all having the same
In this design the relative lengths of the three line sections were
chosen in order to minimize the area occupied by the slot struc-
ture. The slot width of the first section can be varied in order
to obtain an impedance match as well. When there is a limita-
tion in moving the microstrip and slot line crossing point, the
slot width may be changed. At a given point from the short-cir-
cuited end, an impedance match to a lower line impedance can
be achieved when the slot width is narrowed. This was used in
this design, as the slot line width of the top vertical section is
narrower than the other two sections. It should be pointed out
that, by narrowing the slot line width, the magnetic current den-
sity increases but the total magnetic current in the line does not.
along the line at points where the slot width is changed, however,
there are other consequences. One is the change in the char-

size and geometry, but with a different ground plane sizes.
Fig. 6. Simulated gain of the UHF miniaturized antenna on an infinite

substrate witke, = 4.0(1 — j tan 6).
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Fig. 4. Simulated reflection coefficient of the miniaturized UHF antenna
an infinite ground plane. (a) Smith chart representation. (b) Magnituff& of

in logarithmic scale.
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Fig. 7. A photograph of three miniaturized UHF antennas. As shown, all three slot antennas have the same geometry and dimensions. The onkyttiéference i
size of the ground.

acteristic impedance of the line, and the second is the change TABLE |

in the antenna efficiency, considering the finite conductivity of RESONANT FREQUENCIESGAINS AND THE GROUND PLANE SIZES OF THREE
. |DENTICAL UHF MINIATURIZED SLOT ANTENNAS. HERE THE EFFECT OF
the ground plane. There are two components of electric current groynp PLANE SizE ON THE RESONANT FREQUENCY AND ANTENNA

flowing on the ground plane, one component flows parallel to GAIN IS DEMONSTRATED
the edge and the other is perpendicular. For narrow slots, th~
current density of the parallel component near the edge goes Ground Plane Size | Resonant Frequency Gain (dBi)
. . . h Antenna 1 85cmx 11l cm 568 MHz -5.0
and as a result, this current sees a higher ohmic resistance.
; . R Antenna 2 12cmx 13 cm 577 MHz =20
magnetic current over the T-top section is very low and does I —5emma3 | 225 em x 25 om 502 MHz 03

contribute to the radiated field but its length affects the resonei:

frequency. Half the length of the T-top section originally was

part of the first vertical section, which is removed and placezbmponents of the radiated field required for producing an

horizontally to lower the vertical extent of the antenna. elliptical polarization. Hence, by rotating the antenna a desired
The slot line sections were chosen so that a resonant fligear polarization along a given direction can be obtained.

guency of 600 MHz was achieved. At this frequency the slot

antenna occupies an areg6f5 cm x 6.5 cm) or in terms of the Ill. REALIZATION AND MEASUREMENTS

free-space wavelengthl2A, x 0.12A. Fig. 4 (a) and (b), re-  », sienna based on the layout shown in Figs. 2 and 3 was
spectively, show the simulated input impedance and return l1oss

7 . . rinade on a FR4 printed-circuit-board. In the first realization, the
of the miniaturized UHF antenna as a function of frequency. sfze of the around plane was chosen t&beem x 11 The
is shown that the 1.2 VSWR-10 dB return loss) bandwidth of wurnl gf th pt q tTrT]L tcm'k |
this antenna is around 6 MHz, which corresponds to a 1% frg€-urn 10ss ot thisantenna was measured with a network analyzer

tional bandwidth. This low bandwidth is characteristic ofminia"zmd the result is shown by the solid line in Fig. 5. Itis noticed

turized and resonant slot dipoles. The simulation also showd'4t the resonant frequency of this antenna is at 568 MHz,
weak resonance, which may be caused by the interaction H@_lch is significantly lower than what was predicted by. the
tween the radiating element and the nonradiating spirals. In fag{nulation. Also, the measured return loss for the designed
careful examination of the magnetic current distributions ov8iCrostrip feed line (not shown here) was around0 dB.
the nonradiating spirals shows the asymmetry caused by the nEx/det & better return loss the length of the microstrip line
field interaction of the radiating element with the nonradiating@d to be extended slightly. Fig. 5 shows the measured return
spirals. loss after the modification. The gain of this antenna was also
The polarization of this antenna may appear to be rath@easured against a calibrated antenna. Under a polarization
unpredictable at a first glance due to its convoluted geometfjatched condition a gain 6£5.0 dBi (gain in dB against an
However, it can be conjectured that the polarization of arigotropic radiator) is measured. The simulated gain value of
miniaturized antenna whose dimensions are much smaller thiai$ antenna using an infinite ground plane and 4.0 — ;0.0
a wavelength cannot be anything other than linear. This igfound to be 2.8 dBi. The difference in the simulation results
basically because of the fact that the small electrical size of taed the measured ones can be attributed to the finiteness of
antenna does not allow for a phase shift between two orthogotia ground plane, finite conductivity of the ground plane, and
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Fig.8. E-and H-planes of the antenna under test characterized experiment: 7 "
Cc_)- gnd cross-polarized pattern measurements are performed in these 75 ¢
principal planes. -200 -150 -100 -50 0 50 100 150 200
O (dearees)
the loss tangent of the substrate. The effect of the imaginary @
part of the substrate dielectric constdiat= 4.0 — j¢’) can E-plane
be quantified using a numerical simulation. Fig. 6 shows tt -2
simulated gain values of this antenna as a functiod’ofvith o J J?CLW
an infinite ground plane. It is shown that, as expected, ti - \\ / N Xpol ‘//"
gain is decreased when the loss tangent is increased. Hei -3 N
it is very important to use substrates with a very low los . \ / \ /
tangent. The FR4 used for this antenna has a loss tang ~ / \
(tan 6 = 0.01) at UHF. To investigate the effect of grounddBm -4
plane size on the resonance frequency and radiation efficien 5 \ / . \
two more antennas having the same geometry and dimensi u ] |
but with different ground plane sizes were made. The measul 50—
resonant frequencies are also shown in Fig. 5. Fig. 7 shows" 54 “
photograph of these antennas. The dimensions of the grot '
planes and the measured gain of these antennas are repc -6 I
in Table I. As expected the resonant frequency and the g: o5
of the antenna approaches predicted values as the size of -200 150 -100  -50 0 50 100 150 200
ground plane is increased. The gain of Antenna 3 is almc _. 0 (degrees)
as high as the gain of an ideal dipole considering the loss (b)
tangent of the substrate used in these experiments. Fig.9. Co-and cross-polarized pattern of the miniaturized UHF antenna in (a)

The gain reduction as a function of ground plane size can d@lane and (b) E-plane.
explained by noting that the equivalent magnetic currents that
flow in the upper and lower side of the ground plane are in oflie edge experience an ohmic loss which is responsible for the
posite directions. In the case of infinite ground plane, the uppgecrease in the antenna gain.
and lower half spaces are electromagnetically decoupled. How-The radiation patterns of these antennas were also measured
ever, when the ground plane is finite and small compared to thethe University of Michigan anechoic chamber. A linearly
wavelength the radiated field from the lower half space can ngelarized antenna was used as the reference. First, the po-
duce the radiated field from the magnetic current in the upplarization of the antenna was determined at the direction of
half space. The level of back radiation depends on the size of theximum radiation (normal to the ground plane). Then by
ground plane; that is, the smaller the ground plane the highretating the antenna under test about the direction of max-
the back radiation. Ignoring the substréte = 1), radiation imum radiation, it was found that indeed the polarization of
from the upper and lower magnetic currents completely candbé miniaturized antenna is linear. Fig. 8 shows the direction
each other in the plane of the perfect conductor (creates a raflmaximum radiation, the direction of electric filed (polariza-
in the radiation pattern). However, because of the substrate aioth), and magnetic field at the antenna boresight. Figs.9 (a)
depending on its thickness and relative dielectric constant, a pand (b) show the co- and cross-polarized antenna patterns in
fect cancellation does not occur. This explains the discrepandies H- and E-planes, respectively. It is shown that the an-
observed between the measured and predicted radiation pattegnga polarization remains linear on these principal planes.
(for infinite ground plane). Also, there are strong edge currems discussed before, the E-plane gain in the plane of the
on the periphery of a finite ground which decrease as the sg®und plane(d = 90°) drops because of the finiteness of
of the ground plane is increased. The confined currents arouhd ground plane. If the substrate were to be removed, the
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E-plane gain in the plane of the conductor would drop to zer,
Hence, having a thick substrate helps achieve a more unifo
pattern. Thick and high permittivity substrate also increas
front-to-back radiation ratio. Since our substrate thickness
only a small fraction of the wavelength, almost similar gai
values are measured in the upper and lower half spaces.
It is worth mentioning that further miniaturization can easil

be accomplished by increasing the dielectric constant of the st... Engineering and Computer Science at the University
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Electromechanical Considerations in Developing
Low-Voltage RF MEMS Switches
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Abstract—This paper reports on the design, fabrication, and networks, that most of the developed switches are electrostatic
testing of a low-actuation voltage Microelectromechanical systems in nature.

(MEMS) switch for high-frequency applications. The mechanical These studies, however, have only limited their focus on

design of low spring-constant folded-suspension beams is pre- . .
sented first, and switches using these beams are demonstrated’® RF performance of MEMS switches and have provided

with measured actuation voltages of as low as 6 V. Furthermore, little information on several important phenomena directly
common nonidealities such as residual in-plane and gradient related to the inherent electromechanical characteristics of

stress, as well as down-state stiction problems are addressed, andhese structures. Their sheer interdisciplinary nature imposes
possible solutions are discussed. Finally, both experimental and a very tight coupling between the electrical and mechanical

theoretical data for the dynamic behavior of these devices are d , For inst thin-fil idual st d vi
presented. The results of this paper clearly underline the need @0Mains. For instance, thin-im residual stress and viscous

of an integrated design approach for the development of ultra damping may have a far greater influence on the performance
low-voltage RF MEMS switches. of the device than intuitively anticipated. Moreover, the vast
Index Terms—Low actuation voltage, microelectromechanical Majority of the switches in the literature typically require
systems (MEMS) switches, residual stress, spring constant,@ pull-in and hold-down voltage of 40-100 and 15-30 V,
switching speed, top-electrode switches. respectively. Whereas no difficulty exists in achieving these

ranges in a typical laboratory environment, they may be quite
challenging for handheld mobile phones, automotive vehicles,
and similar wireless devices that rely on low-voltage power
M ICROMACHINING and microelectromechanical sys-supplies. In addition, Goldsmitét al.[16] have shown that the
tems (MEMS) are among the most promising enablingetime of capacitive switches strongly depends on the applied
technologies for developing low-power low-cost miniaturizegctuation voltage. In particular, for capacitance switches, they
RF components for high-frequency applications. Several ugixperimentally observed a lifetime improvement of a decade
versities and companies have developed RF MEMS switches every 5-7-V drop on the switch pull-in voltage. Conse-
[1]-[8] in the last decade that can be primarily classified aguently, reducing the actuation voltage of MEMS switches
1) series or shunt; 2) fixed—fixed membranes or cantilevafay not only broaden the range of their possible applications,
beams; and 3) capacitive or metal-to-metal contact type [fut also significantly enhance their performance. It would
The main driving force behind this major research effort iseem, therefore, that further investigations are needed in order
the outstanding demonstrated RF performance of the MEM® provide the MEMS engineer with complete and accurate
switches from dc to 100 GHz compared to p-i-n diodes @fiformation on the design and operation of these devices.
FET transistors. Furthermore, electrostatically driven switchesit is the purpose of this paper to present the results of our in-
require only a few microwatts of dc power compared to severgstigation on these issues. First, in Section Il, we focus on the
milliwatts that their solid-state counterparts dissipate. It igesign of the low spring-constant beams that support the main
for this reason, as well as for the simplicity of their biasingwitch structure. We also demonstrate a number of designs that
resulted in switches with pull-in voltages of as low as 6 V. Sec-
Manuscript received April 22, 2002. This work was supported by the Systei@n Il discusses the effects of residual axial and gradient stress
on a Chip/Jet Propulsion Laboratory under the Center for Integrated Space ¥R the device performance and shows how minor design and

crosystems Project and by the Department of Defense Research and Enginegdpgication details may have a significant impact on the final
under the Multidisciplinary University Research Initiative on “Low Power Elec-

tronics” and “Multifunctional Adaptive Radio, Radar and Sensors” programsStructure. Section 1V concludes our study by presenting exper-
D. Peroulis and K. Sarabandi are with the Radiation Laboratorimental and theoretical results on the dynamic behavior of the
Electrical Engineering and Computer Science Department, The Universjiy,, ;
of Michigan at Ann Arbor, Ann Arbor, Ml 48109-2122 USA (e-mail: IBW VOltage MEMS switch.
dperouli@engin.umich.edu).
S. P. Pacheco was with the Radiation Laboratory, Electrical Engineering

. INTRODUCTION

and Computer Science Department, The University of Michigan at Ann Arbor, 1. SPRING CONSTANT AND ACTUATION VOLTAGE
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ically made of Ti/Au (500/900Q%) and is defined first through
a liftoff process. A plasma-enhanced chemical vapor deposition
(PECVD) of approximately 1400—2000 Si;N, follows. Since
the switch is made of metal (typically Ni), this dielectric layer is
primarily needed during the actuation stage to prevent a directdc
contact between the switch and CPW line. Therefore, a positive
photoresist intended to protect thgSi underneath the switch
is deposited with a normal lithography and the remaining dielec-
tric layer is etched through a reactive ion etching (RIE) process.
After the photoresist removal, the sacrificial layer (polyimide or
&3 photoresist) is deposited and the switch anchor points are pho-
Ground Plane “?én,e,cmum Ground Plane. = tolithographically defined. Afterwards, a seed layer (typically
hobek: o BT - SR Ti/Ni 2000/5004), is deposited, patterned, and electroplated.
T T TR : T The last step is the removal of the sacrificial layer and the su-
V30 150¢ _ SE_386 11 - percritical CQ drying of the structure.

Switch pad over cpw center conductor

ne spring for low pulkin voltage

Fig. 1. SEM picture of the proposed low-voltage capacitive shunt switch ovg‘- Spring DeSign

a CPW line. Since the mathematical details of the electrostatic actuation
[including (1)] have been extensively analyzed in the past [17],

for calculating the pull-in voltage of fixed-fixed beams or aif18], we will just briefly describe the basic principle here. When

bridges as follows: no dc bias is applied, the switch presents a very small shunt ca-
pacitance (typically in the order of 30-50 fF) between the center
_ [8K.g} @ conductor and ground planes. This is called the up or off state

P\ 27¢0A” and the RF signal can propagate with minimal loss (typically

) . ) . with —0.1 dB atX -band). On the other hand, if the applied bias
K is the equivalent spring constant of the moving structure [ ceeqs the actuation voltage, the switch collapses on the di-

the direction of desired motion (typically thedirection),go i g|ectric layer undemeath, resulting in a significant shunt capac-
the gap between the switch and the actuation electiqdis, jiance which is equivalent to an RF short circuit. This is called

the free-space permittivity, and is the switch area where theyhe gown or on state and virtually all the incident RF power is
electrostatic force is applied. Equation (1) implies that there & ected back to the source.
several ways that may decrease the required actuation voltageyg \yas previously mentioned, the switch of Fig. 1 is con-

For instance, reducing, can significantly lower the pull-in o e to the substrate through four serpentine springs that are

voltage. Although this solution can be partly applied to 1owggeq 1o substantially lower the switch spring constant., Ifs
frequency applicationsq(10 GHz), it will adversely affect the e . _girected spring constant for each one of the springs, the

high-frequency off-state switch performance by compromisirigtai switch spring constarit. is given by
the switch isolation (for a series switch) or insertion loss (for a :

shunt switch). A second approach in lowering the pull-in voltage K. = 4k.. )
would be to increase the actuation aréaThis area, however,

has to stay within reasonable limits, primarily imposed by outompared to simple cantilever beams of equal total length,
desire for miniaturized circuits. The third alternative, which Of]_hese Springs have the additional advantage of Occupying
fers the maximum design ﬂ8X|bI|Ity for a low-to-moderate aCconsiderable less space, but they also show higher spring
tuation voltage, is to lower the switch spring constant, hencgsnstant. As will be shown, however, adding more meanders
designing a compliant switch. can significantly lower it without excessively increasing the
Fig. 1 shows an SEM picture of our proposed switch in gquired space. In the following, we calculate the spring
coplanar waveguide (CPW) configuration. The switch consistgnstant of arV-section meander [see Fig. 2(a)] when a virtual
of three movable metallic plates, one over each conductor of fagce F., is applied at its free end. An analytical solution for a
CPW line. These plates are connected together with three sh@iilar folded meander has been obtained by Fedder [19] and
beams (connecting beams) and the whole structure is conne@gfanalysis is based on his study.
to the substrate at four points (anchors) through four beamsgach meander of the whole spring is defined as the set of
Due to their Shape, we will call these beams Serpentine Spriﬁgﬁr beams: two primary beams of |engﬂand two Secondary
or folded-suspension beams. The switch is typically suspendg@shms of length. Therefore, aiV-meander spring has\2 pri-
3—4 um above the CPW line and is electrostatically aCtuatQﬁary beams and/¢ secondary beams. The switch shown in
when a dc voltage is applied between the switch and the CRYy). 1, for instance, has a single-section meander( 1) with
ground planes. a = 20 pm andb = 240 pm. All the necessary dimensions and
material constants for our switch are given in Table I. For the an-
alytical calculation, it is assumed that all six degrees of freedom
The fabrication process is fairly simple, requires only founf the anchor point [point A in Fig. 2(a)] are fixed. Moreover,
masks, and is described in detail in [10]. The CPW line is typhe guided-end boundary conditions are applied for the free-end

B. Fabrication
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TABLE |
PHYSICAL DIMENSIONS AND MATERIAL CONSTANTS FOR THE
LOW-VOLTAGE SWITCH

Primary meander length (a) 20 pm

Secondary meander length (b) 240 pm
Switch thickness (%) 2 pum
Beam width (both beams) (w) 5 pum

b . L Ni Young’s modulus (E) 207 GPa

Ni Poisson’s ratio (v) 0.31
Shear modulus (G) E/(2(1 +v))

x-axis moment of inertia (I,) wits /12

z-axis moment of inertia (I,) tw? /12

To polar moment of inertia (1) I+ 1,

i OFz —» Torsion constant (J) 0.4131, (see [20])
lMo
(@) whereM, ; andT, ; (M, ; andl; ;) are the moment and torsion
i =2m of theith primary beam f{th secondary beam) with= 1 to
Tgmp o FZH?'") 2N (j = 1 to 2N). In these equationg; is the longitudinal
dimension along each one of the beams.
Ticem} :“2’")? LTiem ) Tiomy Following the virtual work method, the total elastic strain en-
Orz z

ergy of the meander is given by

2
U= Z/ (2EI 2GJ)d"”
M} vi\
=2m-1 +Z/ (QEIJ 2Gj>dl “)

wherel,, I., G, andJ are defined in Table I. Finally, the spring
constant is given by

—®
Ti@m) Tizm)

meander #m

oUu

F‘_Igzmu) @Ii.(2m-1) k,=F,0,=F, —aFZ (5)

o Z r4
Titem) | {Tiem) along with the boundary conditions
i=2m-1
Tiem-1) Tizm-1) oU oU
-— — = and =0. 6
Fz@uuuo Fz bo oMy o = T, (6)

Tiem- 1)? LT;(zm 2)
These equations lead to the following expressions for the reac-

o) tions My andTy:
2Na (2N +1)b

Fig. 2. (a) Schematic (drawn to scale) of Airmeander serpentine spring. EI, GJ
(b) Forces, torques, and moments in théh meander. My = p b aF, (7)
2 (EI GJ >
point of the spring since this point is attached to the main switch F.b
body. Consequently, a momehf, and a torsiorf; are applied To = - 2 (8)
to this point to constrain the rotation angles aroundathand for th . i
y-axes. The torsion and moment of each beam are then given%&?l or the spring constaht
[19] [see Fig. 2(b)] L _ |8N%a® 4+ 2N . abN [3b+ (2N + 1)(4N + 1)a]
= 3EI, 3GJ
2
My =My ~ F.[w+ (i ~ 1)] Na? [éf\;a N (2NGT]1)b}
1+ (-1) — x
Ta,i:T0+ T sz 2< a b)
+(=1) El, GJ
My =(-1)Ty — F.z + F.b 9 -1
’ _ Ny (i + b ) 9)
Ty.; =(=1) (iF.a — M) ©) 2 \GJ " EL
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0.3 " " ' TABLE I
— Analytical formula ACTUATION VOLTAGE MEASUREMENTS FORSEVERAL MEMS SWITCHES
q
o FEMresults Experimental Theoretical
= Meanders
£ Vo VI [ K, [N/m] [V, [V] [ K [N/m]
Z 1 30 26.9 83 2.08
N 2 22 14.5 5.7 0.97
o 3 7 86 14 0.58
4 11 3.6 3.6 0.38
5 6 1.1 3.0 0.27
0 ) . :
1 2 3 4 5 25 ,
Number of meander sections N=5 N=4 N=3 N=2 N=1
Fig. 3. Analytically computed and FEM simulated results of thdirected - 2.0
spring constant of afV-section meander. "-’E-_'
8 15 ¢+
Although (9) is lengthy, it is written in an intuitive way that §
may facilitate the design of these meanders or similar beam: § 1.0t
The first two terms of the denominator represent the percentacd
of the spring constant that is due to beam bending (first term g5+
and twisting (second term). In other words, these terms deper
solely on the meander geometry and the ability of the beam me 0 | |
terial to bend and twist. The last two terms of the denominato 0 10 20 30 40
are due to the boundary conditions of the meander moving en Bias Voltage [V]

and correspond to its inability to rotate aroundth@ndy-axes.
These two terms may have comparable magnitude to the firi&t 4. Measured dc switch capacitance as a function of the applied bias
two and considerably increase the switch spring constant, V0ltage and number of meanders.

Equation (9) was verified by a commercially available
finite-element method (FEM) code [21]. The dimensions @nd an initial gap ofjy = 5 um. The reason for this higher
Table | were input in the code and several linear simulatiog@p is that, although the sacrificial layer thickness was
were performed for springs with 1-5 meanders. For eatfe induced residual stress across the structure caused a slight
simulation, a concentrateddirected force oft’¥*M = 1 ;N out-of-plane deflection, which, on average, increased the total
was applied at the tip of the spring along with the necessatistance from the substrate tq./n. We will discuss stress is-
guided-end boundary conditions. The resulting deflection  sues in more detail in Section Il1. Fig. 4 also shows the measured
was then computed and the FEM spring constant was extractiedcapacitance of the switches as a function of the applied bias
as kPEM  —  pFEM /A Excellent agreement between thgoltage and the number of meanders.
analytically and numerically computed spring constants is These datareveal several discrepancies between the simulated
observed in Fig. 3, which graphically presents the two spriraid measured results. The first dissimilarity is the fact that
constants as a function of the number of the meanders. Tthie measured pull-in voltages are 5-10 times higher than the
graph also illustrates that the serpentine spring constantthgoretically calculated ones. The second and most interesting
not significantly reduced after including four or five meandeene is related to the percentage of the spring-constant reduction
sections. Hence, three or four meanders would be a goagl the number of meanders is increased. For example, when
compromise between low spring-constant requirements ai¢ number of meanders was increased from one to two,

space limitations. the experimentally extracted spring constant was decreased
by 46%, while the theoretical calculations predicted 53%.
D. Actuation Voltage Measurements Although these results are in fair agreement, this is not the

Five switch designs with 1-5 meanders in their folded su§2se for switches with more meanders. The switches with five
pensions were fabricated and measured. Except for the serg8fanders, for instance, had 70% lower spring constant than
tine springs, all designs were identical and were fabricated B} ones with four. According to (9), however, this number
the same wafer by the same fabrication process. For each $2Ruld be close to 30%. Fig. 5 graphically illustrates these
sign, we measured the pull-in voltage using an HP 4275A mlg'bser'vat'lon's for. all cases. Alllthese issues are dqe to the
tifrequency LCR meter with an internal bias option. These meBigh intrinsic axial stress built into the Ni layer during the
surements are presented in Table I, which also compares thef@grication and are studied in Section 1.
tracted switch spring constant from the measured pull-in voltage . | ]

[based on (1)] with the corresponding theoretical results. The Stiction and Top Electrode Design
theoretical values have been calculated for a switch thickness oAlthough low spring constant is essential in obtaining low-
t = 2.5 um (because of over-plating in the fabricated switchespltage switches, preventing down-state stiction is equally
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100

—=— Measured results (stress included)
80| -°- Simulated results (stress not included)

. I
Top electrode : 2

anchi

Spring constant reduction (%)

- - * . AccY Spot Magn - Det WD Exp
1-2 2-3 3—4 4—)5 Eaib 00kvV 30 113x SE 123 8
Meander section increments

_ ) ) ] Fig. 7. Four-meander switch with top electrodes. Each top electrode
Fig. 5. Experimental and theoretical percentage change of the switch spriggapproximately 5-Gsm thick and is fabricated with a low-stress Au
constant as the number of meanders is increased. electroplated process.

Polyimide  Top Dielectric (SiO;) trode would significantly deteriorate the up-state switch capac-

itance. These top electrodes are very stiff fixed—fixed plates
(5-6+m-thick low-stress electroplated Au) with a spring con-
stant higher than 2300 N/m. Any movement of these electrodes
would require voltages in excess of 250 V and, compared with
the switch, they can be considered as static plates. Additionally,
they provide stabilization to the overall switch structure against
severe mechanical shocks. Measured and theoretical results of
switches with top electrodes and power measurements of the
same switches are reported in [22].

Il. I NTRINSIC RESIDUAL STRESSISSUES

(b) Although the previous analysis allows for a first estimate
of the switch spring constant and pull-in voltage, it does
not account for any intrinsic residual stress on the structure.
Residual stress, however, is developed during the fabrication
of most microstructures and typically presents most of the
major challenges in developing these devices. Under this stress,
thin-film structures can experience undesirable deformations,
which may be significant, particularly for high-aspect ratio
Bottom Dielectric (SigNg) Circlit Metal structures. Additionally, many MEMS switches must satisfy
(© very stringent requirements for reliable performance, including
being planar over the circuit underneath it. Any undesirable
Fig. 6. Top electrode concept and fabrication process. (a) 3800Si0; are  hyckling or curling may easily deteriorate the performance of
deposned‘on top of the sw_ltch followed byasecor)d sacrificial layer. (b) The t Fée switch, or lead to the complete failure of the device. A lot
electrode is electroplated in a low-stress Au solution. (c) The whole structur ’
released by etching the sacrificial layers followed by a standard supercriti€fi attention, therefore, has to be paid to residual stress and its
drying process. effects on compliant structures before any successful devices
can be developed.
important. A low-voltage switch experiences a relatively weak When a thin film is deposited on a sacrificial layer at a
restoring force while in the down state, which may not bemperature lower than its flow temperature, then intrinsic
sufficiently high to pull the switch up, particularly in humidstresses develop in the film-sacrificial layer system [23]. A
or contaminated environments. This drawback of this familyumber of studies have been already performed to theoretically
of switches can be overcome by including top electrodesxplain the mechanisms of these stresses [24], [25] and to
Fig. 6 illustrates the idea of fabricating a metallic plate (topxperimentally measure their effects [26], [27]. Nonetheless, in
electrode) above the switch. By applying a dc voltage betweganeral, thin-film stress is complicated and heavily depends
this top electrode and switch, the switch can be pulled up froom the specifics of the fabrication process. There is also
the down state, even if the restoring force is not sufficientiyery little information for metallic microstructures built by
high. thin-films depositions and effective ways that can control its
Fig. 7 shows an example of a four-meander switch with tagiress and/or its effects. This section illuminates the most
electrodes over the dc switch pads. There is no electrode singportant stress-related challenges for developing low-voltage
pended above the center conductor pad because such an alitches.

Top Electrode  Switch
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Thin Film ﬁ IQE{

Gotal 0‘0

Substarte l
Z

Fig. 10. Simulated warped switch structure (by SUGAR). The maximum

Fig. 8. Thin-film residual-stress approximation. ) 1dlat c
switch deflection is approximately 23m.

anticipated ¢, > 150 fF, instead of 50 fF). The sacrificial
and seed layers that resulted in such a stress were the polyimide
DuPont P12545 and an evaporated Ti/Ni (1500/300ayer, re-
spectively. The switches were then electroplated in an Ni so-
lution (Nickel Sulfamate, Barrett SN by Mac Dermid) with a
steady current density of 4 mA/énfior approximately 30 min.
The induced stress with this fabrication process was repeatable
over a period longer than six months.

This switch shape under residual gradient stress was also the-
oretically validated using SUGAR.Fig. 10 shows the simu-
lated switch shape, which agrees very well with the fabricated

AceV Spot Magn Det W Tl 200 i switches. The maximum gradient stress value in the software
AR — : was varied until the measured maximum deflection was ob-
tained.

Fig. 9. Switches with considerable deflection as a result of a poorly designedone way to alleviate this problem without increasing the actu-
fabrication process. . . . . . .
ation voltage is to selectively increase the switch thickness [28].
. . In this technique, the main switch body thickness is increased
A. Gradient Re-S|d-uaI St-ress o o to 6-8um, but the springs remain 2m thick [see Fig. 11(a)].
A general uniaxial residual stress field in a thin film can b&his process utilizes the following two electroplating steps:

represented as [26] Step 1) The switch and the springs are plated.
oo k Step 2) The switch main body is subsequently plated again
Ciotal = Z oL (%) (10) until it ree.lches., gthigkness of 6-+8n.
k=0 2 Due to some adhesion difficulties between the two plated struc-

tures, the process was slightly changed by plating only a switch

vv_hereh s the film 'Fhlckn_ess ang e_(—_h/2,_h_/2) is the Coor™ ¢ ame during the first step instead of the whole switch [see
dinate across the film thickness, with its origin at the m|d—plar]_eIg 11(b)]. This improvement resulted in a 98% yield

of the film. For a first-order approximation, the total stress can The drawback of this technique, however, is that, although it

be calculated as limits the switch warping to 1-3m and may prove useful for
2y other types of MEMS devices, it also results in less conformal
Ototal 2 00 + 01 | — (12) . . - T
h switches with lower down-state capacitance than the original
. S switches.
This equation implies that the total stress can be expressed as\;\l/e experimentally found that a better solution is to sputter

;uperposmqn of the constant mean ;tr@@:{posnwe ornega- posit the Ti layer (instead of evaporating) above the sacrifi-
tive depending on whether the film is in tension or compression, . ) - .
. . . ctal layer. More specifically, the Ti sputtering process is per-
and a gradient stress about the mid-plane (see Fig. 8). The ef; : : : C
. A .~ formed with The University of Michigan at Ann Arbor sput-

fects of the gradient stress are analyzed in this subsection

. . <’f‘tgrtljng tool with a dc source calibrated to deposit pmin
those of the mean stress in the following one. nder 7 mT of Ar pressure. The actual deposition is typicall
It is widely known that residual gradient stress causes undt P : P ypically

sirable out-of-plane deformation. Fig. 9 shows two examples pne for 25-26 min, resulting in a film of 2250-2380 of

extremely warped switches. These switches wegamithick - A_fter the_ sputtering Process IS _com_pleyed, the sample is 'm
. . ; . mediately (in order to minimize Ti oxidation) taken to the Ni
and the maximum deformation, defined as the distance betwee . . .
. . . e-beam evaporator where 5800f Ni are deposited. It is also
the higher and lower switch points, was on averageu8t

This deformation was recorded for switches G4@-long (not very |mpqrtant t-o point ogt that nothl_ng else IS changed in the
. . process, including the Ni electroplating solution, current den-
counting the length of the meanders), butincreased to 7080 . e . '
. ! . . sity, and sacrificial layer etching. Furthermore, this process can
for switches close to 1-mm long. This substantial deformatign o - S e
; : e followed with either polyimide or photoresist with negligible
renders both structures unusable because: 1) the required ac A - ces
tion voltage is much higher than the design valu8Q V) and 2) '

the up-state switch RF capacitance is considerably higher thatonline]. Available: http://www.bsac.eecs.berkeley.edu/cfm/
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Plates are thicker than the meanders

The switch pad was formed in G
two steps. First a switch frame ACCV  Spot Magn  Det WO Exp  F——————— 100 um
was plated and then a second R e e o

plating followed. The frame is
8 um thick, and the rest of the (a)
pad is 6 um thick.

108x SE 131 24

Switch meander

(b)

Fig. 11. Fabricated switches with the selective electroplating process. The
adhesion problems of the first switch were solved by increasing the seed layer
area that was exposed to the second plating.

Fig. 1 is one example of the plane switches fabricated with
this process and Fig. 12 shows some details of three more exam-
ples. The switches shownin Figs. 1 and 12(a) ayerthick and
suspended over a 40/60/40r CPW line. Although the latter
switch was fabricated with three meanders instead of one, no
appreciable difference in the warping profile was observed. The
maximum measured deflection (as defined in Fig. 9) for both (©)
of them is approximately 0.bm. This corresponds to less than
0.1% of the main switch length (646m) and does not affect the Fig. 12. Very flat switches fabricated with sputtered Ti layer instead of

RF switch performance since it is strongly localized at the effyaporated. (a) This three-meander switch is f40dong, 2um thick, its
maximum out-of-plane deformation is less approximately 0rg and the used

of the d.C actuation paq. _ sacrificial layer was polyimide. (b) and (c) These switches are;680kong,
The improved fabrication process was also tested with:m thick, and photoresist was their sacrificial layer. Their warping level is

switches only 1um thick, 680xm Iong, and 24Qsm wide. Two approximately 3:m and is mostly along their short dimension.
of these switches are shown in Fig. 12(b) and (c). Both switches

include one meander, but in the first one, we have replaced §1®roblem. The switches were thin enough that were able to

straight connecting beams with a second meandering bea®nform on the dielectric surface in the down state.
Evidently both structures are fairly plane and their residual gra-

dient stress is nearly negligible. The first one, however, exhibi§s |,_pjane Residual Stress

somewhat straighter profile, which is related to the axial residual . . L . .
stress, analyzed in the following section. This meanderin In-plane res_ldual Stress prlmarlly INCreases the S_’W'_tCh spring
connecting beam was originally employed to increase the Shﬁ%?stgn.t and is, therefor.e, essential to control it W|th|r_1 reason-
switch inductance [11], but it also proved useful in releasing gfip'e limits. It was experimentally found [27] that the induced

in-plane switch stress. As for the three short connecting beaﬁ‘rasnsne stress during the fabrication process was in the order of

the slightly less plane switch may not appear very appealing _O MPa. A first-orde_r approximati_on that shovys the impact of
first, but it is very useful in limiting the high-frequency up-statd!S Stress on the spring constant is analyzed in [29] where the

insertion loss because it substantially reduces the up-stffiection ofaguided-end cantilever is calculated under simul-
capacitance (by 50%-70%). Furthermore, the pull-in voltad@€ous axial tension and cpncentrated transverse loading. The
increase is negligible (both structures actuate with 15-20 aximum deflection at the tip of the beam is given by

because most of the electrostatic force is concentrated on the 9

ground-plane switch pads. Finally, both structures experienced, = w (COSh(’Vl) _ 1) _ (sinh(yl) _ 7l) (12)

some warping along their width, but this did not prove to be P sinh(v1)
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] ] ] ] ] ~ Fig. 14. In-plane spring constants of the serpentine spring for various number
Fig. 13. Spring constant and pull-in voltage as a function of axial residugf meanders.

stress for a guided-end cantilever with simultaneous axial tension and
concentrated transverse loading.

Similarly, thez-directed spring constant is given by

where P is the axial tensile loady is the transverse concen- [ — ;EIZ
trated load at the tip of the beaiis the length of the beam, and Naz S0 4 5y, 4 SN @+ N+ DEN+ 1)
~ is defined by 3
18)
P where
on+1 . "3
This leads to the following expression for the spring constant: S1z =(2Na+(2N+1)b) | — + b
(a—l—b) <a+ g)
Kot — ~vP sinh(v1) ' . (14) (19)
2(1 — cosh(y1)) + ~Isinh(+1) Spu = — (2N +1)(a-+b) a (20)
Fig. 13 shows the variation of the normalized spring constant 2 <a+§>

and the associated actuation voltage (with respect to the sprin% ) ) - )
constant and actuation voltage of zero axial stress) for an axial-néar FEM simulations verified the previous formulas and
tensile stress of 0-300 MPa. This figure clearly demonstraf&§ results are given in Fig. 14. From this figure, we clearly ob-
the considerable impact of the axial stress on the switch ac®'ve that the spring constant of the serpentine spring is greatly
ation voltage. For instance, a tensile stress of 150 MPa wolffluced as the number of meanders is increased. For instance, a
increase the pull-in voltage of a switch suspended by four ca3Rring with three meanders is 177 times more flexible along the
tilever beams by over three times. z-dimension than a spring with one meander. As a result, such a
The serpentine beams shown in Fig. 2 exhibit higher ﬂex§_pring_ can help release th(_a axial switch sftress_along its long di-
bility in handling the in-plane mean stress than the simple cdR€nsion much more effectively than a spring with one meander.
tilever beam. In other words, as the number of meanders is |R-0ther words, springs with many meanders are much more ef-
creased, not only is the-directed spring constant reduced, bufeCtive as stress buffers than springs with one only one meander.
also the lateral ones. To show this effect, theandy-directed A Similar tendency exists fak,, which decreases by a factor of
spring constants were calculated with a similar process to titaf When the meanders are increased from one to five. These

of Section II. They-directed spring constant can be expresséﬁsuns provide a qualitative explanation for the trends observed
in Fig. 5.
as

25, IV. MEMS SwiTCcH DYNAMIC BEHAVIOR
Yy

ko o— Nb2 EI. Switching speed is one of the few disadvantages of MEMS
v 2b components compared to p-i-n diodes and FET transistors.
2 <a + —> S1y — (a+0)S2y, — 3(2N + 1)a(a + b)? P P ’

3 While their mass is typically very small (in the order of T0to
(15) 107 kg), inertia due to mechanical movement still limits their
whereS;, andS», are calculated by speed typically in the order of a few microseconds. The fastest
switch thus far has been developed by researchers at the Mass-
Sh, :4N2a2—|—(4N2—1) B2 42 (4N2+1) ab (16) achusetts Institute of Technology (MIT) Lincoln Laboratories

) ) R ) [3]. It is a very compact cantilever switch (less than /G-
S2y =2N(2N—=3)a®+(4N?~1) b*+(8N?~6N—1) ab.  |ong) with a speed of approximatelyas. This very low speed
(17) is primarily due to its very small dimensions, mass, and limited
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HP6634B DC Power Supply (0-100V) 0.4
Square wave, 1 kHz, 0/5V, fUULov
duty cycle =20% 3300 2 0.3t
Mgy ] 0/Vp pulsed ’
( : ) — ): Invertcr/swm:h'
10k (? D1 | "7 s L e e e e e e e e meeaa
CH2

Detector voltage [V]
o
N

RFIN Digital DC voltage E
Q Osciloscope is applied '
0.1 :
Synthesized Sweeper Millitech DXP-19-0 L TS R
(£=40 GHz, Pout=5 dBm) Diode Detector ; .
% T 60 100 120
Fig. 15. Switching speed measurement setup (courtesy of Gabriel Rebeiz, The . Time [us]
University of Michigan at Ann Arbor). :
w52 us—
squeeze-film damping. It does require, however, a high pull-in @
voltage of 50-60 V, while it is typically actuated with 70-80 V. 0.4 . .
Low-voltage switches are generally expected to be slower since I DC voltage
they typically have to move a relatively large actuation area. is released
This is particularly true if the switch is expected to operate = 03¢
in air or another gas environment, such asfbr limiting the %
humidify level around the structure. 3 02
g 0.

The switching speed is measured by recording the change ir 5
the power transmitted through the switch when a step voltage §
is applied at the bias of the device (Fig. 15) [30]. The RF input 5 0.1}
signal at 40 GHz is provided by an RF synthesizer, while the RF
output signal is recorded by a high-frequency diode detector. co
The biasing signal is provided by a suitable combination of o 100 200 1300 400
two dc power supplies and an inverter. Fig. 16 presents two : . Time [ps] 5

e

typical measurements taken with this set-up for three-me- Zoisu: '
ander switches. The measured switches were suspended 5 ' :
mean distance of xm above the CPW line and the applied . 213ps f
bias voltage was only 20%-30% higher than their actuation ®)

voltage. Both pull-in and release times were measured for these
switches. Pull-in time is the time it takes the switch to tOUChg. 16. Measurements of the switching time for the: (a) up—down and
the dielectric underneath it. On the other hand, the time tHat down-up movements. Due to the diode detector, high-voltage level
is required for the switch to move from the down state to if"eSPOnds to low RF power and vice-versa.
original height (or within 5% from this value) is defined as the
release time. Fig. 16 shows that the actuation and release tirogsnot be perfectly approximated as a lumped mass. Neverthe-
are approximately 52 and 2135, respectively. However, for |ess, the 1-D model can be used for an at least qualitative expla-
the release time measurement, it takes the switch onjys26 nation of the measured switch behavior and provide reasonable
reach its normal height, but another 1@€are needed to settleapproximations for the switching times.
within 5% of its original height. It is also interesting to note The following equation of motion if the basic formula for the
that, during the first 3Qus of the actuation stage, the switchi-D model:
does not move significantly. These effects will be discussed in
the remainder of this section.

To explain the experimental results, we employed a simple
one-dimensional (1-D) nonlinear model that has been adopted mz' +bz + K.z =F, + F, (21)
by several researchers [17], [31], [32]. This model treats the
switch as a single lumped mass and applies classical Newtdierem is the switch masg; is the damping coefficients’,
nian mechanics to predict its behavior under the applied elés-the switch spring constant in the direction of motiohjs
trostatic force. A model that would accurately predict the dyhe switch actuation areagy is the initial gap¢, andt, are the
namic behavior of the MEMS structure should integrate a goadiklectric layer constant and thickness, respectivélig the ap-
understanding of several different phenomena including elgaied dc voltageF:. is the electrostatic force, arfd. is the con-
trostatics, mechanics, residual stress, contact forces, compréasst- force when the switch touches the dielectric. Several ap-
ible squeeze film damping, and impact effects on a microscapgoximations may be adopted for calculating the parameters in
Many of these areas are currently under investigation and théns model. For instance, although the viscous damping can be
is not a complete model that would account for all of these efensidered constant for small displacements, this is not the case
fects. Furthermore, our switch is a relatively large structure thahen the switch is moving completely toward the substrate. Our
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model for the switching speed calculations is based on the dis- 6 7 K
cussion presented in [31] and [33] where these effects are taken 5 / /”"“"’.:‘““‘\—-;;: """"" B
into account. These equations can be summarized as follows: g / o
R [ et
F. = 6OAV2 (22) -E, [ - gg::zznstsatgge(variable damping)
¢ ty 2 © 81 | \:-- Release stage (constant damping)]
2 <.(JO + == Z) £ /
€r 2 2
g /
b= K- , where wy = K. (23) @ 1t //
wo( m /1
2\ Y2 NERREE: % 50 T00 160 200 250
Q =Q (1 — <g—0> ) <1 +9.638 <go — Z> ) Time [usec]
(24) . (a)
FC _ mlA - TTLQA - (25)
(90 — 2) (90 — 2) _ 5 7 /_______\\'r
Equation (24) calculates the switch quality factor and takes into g 4 ’:’
account the damping dependence on the switch height. If this £ 1 — gffg
is ignored, the second term of the right-hand side should be ¢ 3 / - Q=10
replaced by one. Furthermore, the third term reduces the gas § ,|
flow resistance underneath the switch because of the slip ef- %
fect, where particles can have fewer interactions before escaping 4
[34]. The variable\ of this term is the called the mean free path o
and is approximately 0.Lm at standard temperature pressure Y 50 100 150 200 250
(STP). The damping coefficient, which is related}g by (23), Time [usec]
has been derived in [35] for a square plate with atess (b)
9 6
-3 % (26)
2r gg _
£
wherey is the air viscosity (at STR = 1.845-10~° Pa-s). For :1
the switch dimensions and for a gapsofim b ~ 2.5-10~% Pa- 5 — 8 = f g
s andQo, = 0.64 (for K. = 8.6 N/m). However, the holes 2 Q=10
included in the switch allow the air underneath to escape more §
easily, thus reducing the damping coefficient and increasing the %
Q of the structure. Therefore, this value can be considered as a
low bound for the switch quality factor. In fact, our experimental
100 150 200 250

results suggest a quality factor of about two. The final equation
of the model (25) was used to provide a stable solution to the
simulation when the switch contacts the dielectric layer. (©)

Fig. 17(a) shows the simulated results for the pull-in and re-
lease time. A spring constant of 8.6 N/m (Table Il) and an acteig. 17. (a) Simulated switch pull-in and release times. (b) Comparison of
ation voItage of 25% higher than the puII-in voltage have beé'ﬁn_ulated release_ tin_les for diff_erentvalues ofthe quality_factor. (c) Comparison

. . . . . f,simulated pull-in times for different values of the quality factor.

used for these simulations. These simulations provide avaluabl@
insight in the measured dynamic behavior of the switch. The
pull-in time, for instance, is approximately &, from which The problem of the long stabilization time can be easily cor-
approximately 3Qus are needed for the switch to move from 5 toected by decreasing the quality factor by approximately one.
3.5um. The RF capacitance, however, does not change apgfa. 17(b) shows the simulated release time for quality factors
ciably between this distance and this explains the relatively lonf 2, 1.5, and 1. This figure clearly demonstrates that the re-
period that is required to note any difference between the méease time can be decreased by more than three times if a lower
sured output power level (see Fig. 16). On the other hand, durigggality factor is achieved. This can be done by optimizing the
the release stage, the switch reaches its original height wittole orientation on the main switch structure and by reducing
35 us, but 140 additional microseconds are required for stalbireir number per unit area. This change will not appreciably in-
lization within 5% of its original height. We have also plottectrease the pull-in time, as shown in Fig. 17(c). For example, for
in the same figure the simulated release time assuming a cGh= 1.5, the pull-in time will be increased by only 10%, yet the
stant quality factor) = Q. Evidently, taking into account the release time will be reduced by 300%. Consequently, an opti-
quality-factor variation versus height is of vital importance fomization of the switch holes can lead to a design with switching
meaningful simulations. times in the order of 50-6fs.

Time [usec]
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Bandwidth Enhancement and Further Size
Reduction of a Class of Miniaturized Slot

Antennas

Nader BehdadStudent Member, IEEEBNnd Kamal Sarabandkellow, IEEE

Abstract

In this paper new methods for further reducing the size and/or increasing the bandwidth of a class
of miniaturized slot antennas are presented. In general miniaturized antennas show a small fractional
bandwidth and poor radiation efficiency each of which can seriously limit their applications. In addition,
impedance matching of electrically small antennas is difficult. Recently, a class of miniaturized slot
antennas that shows high efficiency and is easy to match was introduced [4]-[5]. This paper examines
techniques such as parasitic coupling and inductive loading to achieve higher bandwidth and further
size reduction for this class of miniaturized slot antennas. A systematic procedure is developed to
design parasitically coupled antennas at a designated frequency by extracting the coupling coefficient
from a full-wave analysis. It is shown that, if the antenna structure is designed properly, the overall
bandwidth can be increased by more than%.@@ith respect to a single resonant antenna. The behavior
of miniaturized slot antennas once loaded with series inductive elements along the radiating section is
also examined. The inductive loads are constructed by two balanced short circuited slot lines placed
on opposite sides of the radiating slot. It is shown that the inductive loads can considerably reduce
the antenna size at its resonance. Prototypes of double-antenna structure at 850 MHz and inductively
loaded miniaturized antennas at around 1 GHz are designed and tested. Finally the application of both
methods in a dual band miniaturized antenna is presented. In all cases measured and simulated results

show excellent agreement.
Index Terms

Slot Antennas, Electrically Small Antennas, Parasitic Antennas, Multi-frequency Antennas.
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. INTRODUCTION

The current advancements in communication technology and significant growth in the wireless
communication market and consumer demands, demonstrate the need for smaller, more reliable
and power efficient, integrated wireless systems. Entire transceivers integrated on a single chip
are envisioned for future wireless systems. This vision has the benefit of reducing costs and
improving system reliability. Antennas are, of course, inherent parts of any wireless system
and are considered to be the largest components of integrated wireless systems. Antenna minia-
turization and integration is thus an important task towards achieving the optimal design for
integrated wireless systems. The subject of antenna miniaturization is not new and has been
extensively studied by various authors [1]-[3]. Early studies have shown that for a resonant
antenna, as the size is decreased, its bandwidth (BW) and efficiency would also decrease [1]. This
is a fundamental limitation which, in general, holds true independent of antenna architecture.
However, research on the design of antenna topologies and architectures must be carried out
to achieve maximum possible bandwidth and efficiency for a given antenna size. Impedance
matching for small antennas is also challenging which often requires external matching networks.
Therefore antenna topologies and structures which inherently allow for impedance matching are
highly desirable. The fundamental limitation introduced by Chu [1] relates the radiation Q of a
single resonance antenna with its bandwidth. However, whether such limitation can be directly
extended to multi-resonance antenna structures or not is unclear. In fact, through a comparison
with filter theory designing a relatively wide-band antenna may be possible using multi-pole
(multi-resonance) high Q structures. In this paper we examine the applicability of multi-resonance
antenna structures to enhance bandwidth.

Techniques for antenna miniaturization can be categorized into two basic groups including: 1)
antenna miniaturization, using optimal antenna topology [4]-[5] and 2) Antenna miniaturization,
using magneto-dielectric materials [6]-[7]. In pursuit of achieving antenna miniaturization while
maintaining ease of impedance matching and attaining a relatively high efficiency a novel
miniaturized slot antenna was recently presented [4]. Afterwards a similar architecture in the form
of a folded antenna geometry was presented in order to increase the bandwidth of the previous
miniaturized slot antenna [5]. Here we reexamine this topology [4] and propose modifications that

can result in further size reduction and/or significant bandwidth enhancement without imposing
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any significant constraint on impedance matching or antenna gain reduction. In order to improve
the bandwidth of this antenna a dual resonance architecture is examined. Two similar miniaturized
slot antennas (see Figure 1(a)) are considered in order to form a dual antenna structure (see
Figure 1(b)) where one of the elements is fed by a microstrip transmission line and the other
one is fed parasitically by the first antenna. It is shown that the bandwidth of this new double-
antenna configuration is 2.7 times that of the individual constituent antennas. In other words,
by slightly increasing the occupied area of a single miniaturized antenna, the bandwidth can be
increased by a factor greater than two.

A resonant slot antenna, at its first mode of operation, can be modeled with a half-wavelength
transmission line that is short circuited at both ends. It is shown that by using series inductive
elements distributed along the antenna aperture, its size can be reduced considerably. In other
words, the guided wavelength of the resonant slot line is shortened by increasing the inductance
per unit length of the line achieved by loading the line with series distributed inductors. The
size reduction is shown to depend on the number and values of the series inductors. The
technique is first demonstrated using a standard resonant slot antenna (a magnetic dipole) and
then incorporated in the miniaturized antenna topology to further reduce the resonant frequency
without changing the area occupied by the antenna.

The aforementioned techniques for bandwidth enhancement and further size miniaturization
can be used individually or in combinaiton. In what follows, first the design of the miniaturized
antenna with enhanced bandwidth and its simulation and measurement results are presented
(section 1l). The concept of using distributed inductive loading for antenna miniaturization is
then investigated and the simulation and measurement results are presented (section Ill). Finally

the combined application of the techniques shown in sections Il and Ill, is presented in section IV.

II. MINIATURIZED SLOT ANTENNA WITH ENHANCED BANDWIDTH
A. Design Procedure

In this section the design of coupled miniaturized slot antennas for bandwidth enhancement
is studied. The configuration of the proposed antenna is shown in Figure 1(b) where two
miniaturized slot antennas are arranged so that they are parasitically coupled. Each antenna
occupies an area of abowtl5)\, x 0.13\g and achieves miniaturization by the virtue of a special

topology described in detail in [4]. However, it is shown that this antenna demonstrates a small
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bandwidth (less thah’%). A close examination of the antenna topology reveals that the slot-line
trace of the antenna only covers about half of the rectangular printed-circuit board (PCB) area.
Therefore, it is possible to place another antenna, with the same geometry, in the remaining area
without significantly increasing the overall PCB size. Placing two antennas in close proximity

of each other creates strong coupling between the antennas, which if properly controlled can be
employed to increase the total antenna bandwidth. Each antenna can be viewed as a resonator
designed to resonate at a desired center frequengy ef850M Hz. The resonant frequencies

of the slot antennas are determined by the overall effective slot electrical length with the first
resonance occuring at= \,/2, where), is the guided wavelength in the slot.

As shown in Figure 1(b), only one of the two antenna structures is fed by a microstrip line.
The other antenna is parasitically fed through a capacitive coupling mostly at the elbow section.
In reality, the coupling is a mixture of electric and magnetic couplings that counteract each other.
At the elbow section, where the electric field is large and the electric current in the ground plane
around each slot is small, the slots are very close to each other. Therefore, it is expected that
the electric field coupling is the dominant coupling mechanism. It can easily be shown that the
electric fields in the two antennas are in phase, or equivalently, the magnetic currents are in-
phase and parallel to each other and the radiated far-field is enhanced. If the electric fields were
out of phase, the radiation efficiency would have dropped significantly, rendering the combined
antenna almost useless.

Ideally the return loss$;;, of a well matched single antenna shows a nulb{ dB) at the
resonant frequency. Similar to the design of a two-pole coupled resonator filter, the two coupled
antennas are to be designed at the same resonance fregfiereyf,. = fo, where f, is the
center frequency and.; and f,, are the resonant frequencies of the two resonators. In this case
the S;; spectral response of the coupled antenna will show two nulls, the separation of which is
related to coupling coefficient between the two antennas. This coupling coefficient can easily be
adjusted by varying the separation between the two antennas. The separation between the two
antennas can be parameterized by two vertical and horizontal parardedecss as shown in
Figure 2. In order to relatd ands to the pole separationS(; nulls), a coupling coefficient;,

can be defined as:

g
f2+f7

k, 1)
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where f,, and f; are the frequencies of the upper and lower nulls of return loss. Using this
definition, a large separation between the nullsSgf requires largek; and smaller separation
requires smallek;. A full-wave electromagnetic simulation tool is used to extrads a function

of physical parametet for a fixeds. Figure 2 shows the dependencekpfo d for a fixed value of

s = Imm. By choosing the right value for the coupling coefficient, the nulls can be arranged such
that the overall bandwidth of the antenna increases. Bandwidth maximization is accomplished
by choosing a coupling coefficient so th&t, remains below -10 dB over the entire frequency
band as the two nulls are separated. Here the resonant frequencies of both antennas are fixed
at f,1 = f,» = 80MHz, andk; is used as the tuning parameter. However, it is also possible

to changef,; and f,, slightly in order to achieve a higher degree of control for tuning the
response. Section IV will demonstrate that /1, and f,, can be used as design parameters to
obtain a miniaturized dual band antenna. The input impedance of a microstrip-fed slot antenna,
for a given antenna slot width, depends on the location of the microstrip feed relative to one
end of the slot and varies from zero at the short circuited end to high resistance at the center.
This characteristic of slot antennas can be used to easily match them to a wide range of desired
input impedances. The optimum location of the feed line can be determined from the full-wave
simulation. In the double antenna example the feed line consists ofatfadsmission line
connected to an open-circuited(T%ine crossing the slot. The ¥bline is extended by 0.33,

beyond the strip-slot crossing to couple the maximum energy to the slot and also compensate

for the imaginary part of the input impedance.

B. Fabrication and Measurement

The structures in Figure 1 were simulated using IE3D [9] which is a full wave simulation
software based on Method of Moments (MoM) and generally assumes infinite ground plane and
dielectric substrate. The unknowns in the MoM solution of this problem were the slot electric
fields (magnetic currents) and the electric currents on the microstrip transmission line. Solving
for the magnetic currents reduces the complexity and the time required for simulations but at
the same time limits the capability of the software to calculate conductor losses associated with
the electric currents flowing in the ground plane of the antenna. All antennas were fabricated on
a Rogers RO4350B substrate with the thicknes500f.m, dielectric constant of, = 3.5, and

tan(d) = 0.003 with a copper ground plane 88.5x 23 cm?. The responses of the single-element
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antenna as well as the double-antenna are presented in Figure 3. The single-element antenna
shows a bandwidth of 8 MHz or nearly ®9Qwhereas the bandwidth of the double-antenna is
shown to be 21.6 MHz (2.54) which indicates a factor of 2.7 increase in the bandwidth. By
choosing a different substrate with different thickness and dielectric constant, it is possible to
increase the overall bandwidth of both antennas. However, it is also expected that the bandwidth
ratio of the double-antenna to the single antenna remains the same. The overall size of the
double-antenna i8.165)\, x 0.157)\, which shows &5% size increase when compared to the
size of a single element antenfal@3), x 0.154)y). Comparing this bandwidth enhancement
method to that of [5] which uses a folded slot antenna to increase the bandwidth of a miniaturized
slot antenna, the increase in size is smallef’{2&rsus 34;) while the increase in bandwidth

is higher (2.7 vs. 2).

Radiation patterns of the antenna were measured at the center frequency and the gain of the
antenna was measured at three different frequencies and are presented in Table I. Figure 4 shows
the E- and H-Plane for both co-polarized and cross-polarized radiation patterns. The E- and H-
Plane radiation patterns of this antenna are expected to be dual of those of a short electric dipole.
Figure 4(b) shows the H-Plane radiation pattern which is very much like the E-Plane radiation
pattern of an electric dipole antenna. Figure 4(a) however, does not show a uniform radiation
pattern like the H-Plane radiation pattern of a short electric dipole. This can be attributed to
the finiteness of the ground plane where some radiation comes from the electric currents on
the antenna ground plane at the edges of the substrate. Since there is phase difference between
the electric currents around the slot edge and those at the substrate edge, radiated fields from
these currents interfere destructively causing the deeps in the E-Plane radiation pattern around
0 = £90°. The H-Plane pattern is expected to have deep nulls at these angles. Therefore, this
effect is not significant for H-Plane pattern. Table | shows the radiation characteristics of the
double- and single-antenna. It is shown that the gain-bandwidth product of the proposed double-

antenna is significantly higher than that of the single antenna.

[1l. 1 MPROVED ANTENNA MINIATURIZATION USING DISTRIBUTED INDUCTIVE LOADING
A. Design Procedure
A slot antenna fed by a microstrip transmission line radiates as a magnetic dipole which is

considered the dual of an electric dipole. This antenna at its first resonance has the lepih of
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where )\, is the wavelength in the slot. The magnetic current distribution can be modelled by
the field distribution over a /2 transmission line short circuited at both ends. A series inductor

in this transmission line reduces its resonant length. For slot lines, insertion of series lumped
elements is not possible. Besides, series lumped elements have a low Q which adversely affects
antenna efficiency (gain). The wavelength in a transmission Apedan be made smaller, if the
inductance per unit length of the line is increased. To realize a slot line with higher inductance
per unit length, an array of distributed, short circuited, narrow slot-lines can be placed along
the radiating segment of the slot antenna as shown in Figure 5(b). The impedance of a short

circuited slot line is obtained by:

Zg = jZys tan(Byl) (2)

where 3, is the propagation constari,, is the characteristic impedance, anid the length of

the short circuited slot-line. The characteristic impedance of a slot-line is inversely proportional

to its width [8] therefore by using wider series slots, more inductance can be obtained for a
fixed length of short circuited transmission line. The best location to put series inductors in

a slot is near its end where the amplitude of magnetic current is small. Putting them at the
center of the slot where the magnetic current is at its maximum strongly degrades the radiation
efficiency. It can easily be seen that by increasing the number and value of inductors, the length
of transmission line necessary to satisfy the short circuit conditions at both ends of the slot
decreases.

The size reduction may also be interpreted by considering the electric current distribution in
the conductor around the slot. There are two components of electric current in the ground plane of
slot, one that circulates around the slot and one that is perpendicular to it. The latter is described
by the continuity of the electric current and displacement current at the slot discontinuity. Putting
a discontinuity (a slit) normal to the circulating current path forces the current to circle around
the discontinuity. Hence the electric current traverses a longer path length than the radiating slot
length which in turn lowers the resonant frequency. Figure 5(b) shows a slot antenna loaded
with a number of narrow slits which act as an array of series inductors. These slits are designed
to have a length smaller thax) /4 so that they behave as inductive elements. The slits carry a
magnetic current whose direction is normal to that of the main radiator. Placing them only on

one side of the radiating slot results in asymmetry in phase and amplitude of the current along
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the slot which could create problems in matching and worsen cross polarization. In order to
circumvent this problem, two series slits are placed on the opposite sides of the main slot. These
slits carry magnetic currents with equal amplitudes and opposite directions. Since the lengths of
these narrow slits are small compared to the wavelength and since they are closely spaced, the
radiated fields from the opposite slits cancel each other. That is, the slits do not contribute to
the radiated far-field.

Matching this slot antenna to the microstrip feed is no different than matching an ordinary
slot antenna. As before, an off-center microstrip feed is used to match the input impedance. The
optimum location and length of the microstrip line are found by trial and error, using full wave
simulations. Here for both slot dipoles (with and without series inductors) the lengths of the
extended microstrip lines are found to hg /4 where ), is the wavelength in the microstrip
transmission lines at their respective resonance frequencies. This shows that the imaginary parts
of the input impedances in both cases are relatively small, and by choosing the right location
for the feed line, the input impedances can be directly matchedsti2dine.

Figure 6 shows a miniaturized slot antenna configuration (similar topology as shown in [4])
loaded with series inductive slits to further reduce its resonant frequency. The antenna without
the series inductors is already small and adding series inductive elements further reduces the
resonant frequency or equivalently the electrical dimensions of the antenna. Instead of using
identical inductive elements along the radiating slot, differently sized inductive slits are used
to cover most of the available area on the PCB in order to maintain the area occupied by the
antenna. The antenna is matched to a microstrip transmission line in a manner similar to the
magnetic dipole described earlier. The feed line &8 open ended microstrip line connected
to a 502 microstrip line. The reason for using &2 line is its narrow width which allows
for localized feeding. In this case the open circuited microstrip line lengths beyond the slot
crossing are respectively.3)\,, and 0.26),, for both the miniaturized antenna and the loaded
miniaturized antenna. This shows that the imaginary parts of the input impedances of both
antennas are relatively small. In the next section the simulated and measured results for these

antennas are prese nted.
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B. Fabrication and Measurement

The magnetic dipoles with and without series inductors were simulated using IE3D and
fabricated on &00um thick Rogers RO4350B substrate. Figure 7(a) shows the simulated and
measured return losses for the slot antennas without and with inductive loading. This Figure
shows the dipole resonant frequency and -10dB bandwidth of 2.2GHz, and 235 NMHZ)
respectively. The loaded dipole with the same length as that of the unloaded dipole has a
resonance frequency of 1.24 GHz and a bandwidth of 63 M¥¥2).( This result indicates a
44% reduction in the resonant frequency and a similar reduction in the bandwidth, as expected.
The overall size can still be reduced by using longer short circuited slits, if they themselves
could be designed in a compact fashion. The radiation patterns of the small slot antenna were
measured in the anechoic chamber of the University of Michigan and are presented in Figure 8.
It is seen that the cross polarization components in the far-field region in both E- and H-planes
are negligible, thereby confirming the fact that the radiation from the magnetic currents in the
inductive loadings with opposite directions cancel each other in the far-field region.

The miniaturized loaded and unloaded slot antennas were also fabricated using RO4350B
substrate. Figure 7(b) shows the simulated and measured return losses of the loaded and unloaded
miniaturized antennas. It is shown that, by inserting the series inductors, the resonant frequency
of the antenna shifts down from 1116 MHz to 959 MHz %d4eduction). In this design, the
overall PCB size is unchanged. Figure 9 shows the E- and H-Plane co- and cross-polarized
radiation patterns of the loaded miniaturized antenna. The level of cross polarization is found
to be negligible at broadside. The gains of the loaded and unloaded miniaturized slot antennas
(antenna in Figure 6) were also measured in the anechoic chamber using a standard log-periodic
reference antenna and were found to be 0.8 dB and 0.7 dB respectively. Comparing the gain of
loaded and unloaded miniaturized slot antennas with each other, it can easily be seen that using

series elements in the slot does not affect the gain significantly.

IV. DUAL BAND MINIATURIZED SLOT ANTENNA

In this section the techniques introduced in the previous sections are both used in the design of
a dual band miniaturized slot antenna. The geometry of this antenna is shown in Figure 10. The
resonant frequencies of the slot antenngs &nd f,.) and the value of the coupling coefficient

(k;) can be used as design parameters to achieve the desired response. Increasing the vertical
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displacementd, and decreasing the horizontal separat®mausek; to increase or equivalently

result in a larger separation between the two frequency bands. Small changes in the resonance
lengths of the slots result in slight changesfin and f,» which can be used as a means of fine-
tuning. It should be noted, however, that resonant frequerfcieand f,, should be close to each

other so that coupling takes place. The dual band behavior of this antenna can be explained by
small modifications in the coupled resonator filter theory. Theoretically the separation between the
two nulls can be very large, but it requires values fpithat are prohibitively large and cannot
easily be obtained using these types of coupled structures where both electric and magnetic
couplings are present and add destructively. In addition to this problem, matching the antenna
at the two bands becomes increasingly difficult. The param&teis defined as a measure of

separation between the two frequency bands:

:g:fu_fl
Jo Jo

where f; is the center frequency. In practice by changig f,1, and f,,, values of A; up to

Ay (3)

10% can easily be obtained. This architecture is particularly useful for wireless applications that
use two separate frequency bands (different bands for transmit and receive for example) that are
close to each other but still cannot be covered with the available bandwidth of these types of
miniaturized antennas.

In order to reduce the size of the antenna even more, series inductive elements are also used
to reduce the resonance frequencies of each antenna. This way a higher level of miniaturization
can be achieved for a given antenna size. Figure 11 shows the simulated and measured return
loss of such a dual band antenna. The discrepancies between the simulated and measured results
are due to the finiteness of the ground plane as described in [4]. The measured results indicate
an f; = 761.5M Hz and f, = 817.5M Hz or equivalently aA; = 7.1%. Matching this antenna
to the microstrip transmission feed is similar to the matching techniques used in the previous
sections, where an off center microstrip is used. The microstrip line is extended by 7 cm over the
slot-strip transition to obtain a good match at both frequencies. The overall size of the structure
is 5.73cm x 5.94cm or equivalently0.145\g x 0.15), at the lowest frequency of operation.
Radiation patterns of the antenna are measured and found to be similar to those of the single

element antenna topology.
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V. CONCLUSIONS

Two approaches are introduced for increasing the bandwidth and reducing the size of minia-
turized slot antennas. Placing two similar slot antennas in close proximity of each other creates
a coupled resonator structure, the response of which is a function of relative spacing between
the two antennas. The coupled miniaturized antenna can be designed to have more than twice
the bandwidth of a single antenna or to behave as a dual band antenna. It is shown that the
bandwidth can be increased by a factor of 2.7 while increasing the size by@ilyExcellent
agreement between simulation and measured results are shown.

For a fixed resonant frequency, it is shown that adding series inductive elements to a slot
antenna reduces its size. The size reduction is a function of number and values of the inserted
inductive elements. It is demonstrated that using series inductive elements does not adversely
affect impedance matching and antenna gain. This technique is also used in combination with
other miniaturization techniques to further decrease the size of the radiating structure. The tech-
nigue is applied to a straight as well as a miniaturized slot antenna and for a given antenna size,
significant reduction in resonant frequencies are observed. Good agreement between simulated
and measured results are shown.

Finally, both techniques are applied to the design of a miniaturized dual band antenna. Series
slits (inductors) are used to reduce the resonant frequencies of each resonator. A large value of
coupling coefficient is used to achieve a large separation between the two nullsSin tesponse
of the parasitically coupled antenna. The value$,off,;, and f,, are used as design parameters
in order to obtain a miniaturized dual band slot antenna with relatively good simultaneous

matching.
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Fig. 3. Return losses of coupled antenna and one of the identical single elements that constitute it
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Fig. 4. Far field radiation patterns of the coupled double-element miniaturized antenna at 852 MHz
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(a) Geometry of a straight microstrip-fed slot antenna (b) Geometry of a straight microstrip-fed slot dipole loaded

with an array of series inductive elements

Fig. 5. Loaded and unloaded straight slot dipoles.
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loading. (see Figures 5 and 6)
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Fig. 8. Far field radiation patterns of loaded straight slot antenna shown in Figure 5(b)
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Fig. 9. Far field radiation patterns of loaded miniaturized slot antenna

May 22, 2003 DRAFT



17

SUBMITTED TO IEEE TRANSACTIONS ON ANTENNAS AND PROPAGATION

2
_ o
12
IEEEE T R e EEE e R EEEEE T R — HES=
[ 1 ] ] ] | =
e | | Bl et | i Y ok e HE
; ; : ; ©
I D R ot I O O et N | c
i h d [ d c
1 1 [ 1 1 e
i i i i i ]
i i 1 1 1 <
; i 1 i f ©
i i i i i -
[ 1 [ 1 1 0
) ' ' °
[ | | DO | - M= "
" g i = s s
' i i
i ; ; ; ; £ N
i i 1 1 i S, =1
" : ; : : = s
ey ol s e H— | — ol L =
; " i I=
©
i | | 0]
' ' ' ' ©
: " " : 8
bizases | i p------ I R IR S ima ke =
] 1 ] ] 1 N/
b | | ] i 7]
' I ' s ' >
1 ' 1 ' =
[ ' Il L L ' |5}
=}
i i 1 1 i I = ko]
1-- - ----- F----=--= q---m=-- == F-------- q=--m - === e pcter KA c
i £
i i | 1 i i ko]
1 1 ] 1 ] 1 m
; " " " " " Rel
; ; i y 3 ' =
“ “ “ “ “ “ = [
m i = = T _.u_/_ _...m__ ©
N
[wa] & o
>
=
m ,
kL,
ar s
@]
(0]
O]
o
—
=2
L

DRAFT

Freguency [MHz]

Measured and simulated return loss of the miniaturized dual band slot antenna.

May 22, 2003

Fig. 11.



Miniaturized Slot Antennas with Enhanced
Bandwidth

Nader Behdad', and Kamal Sarabandi

Radiation Laboratory,

Department of Electrical Engineering and Computer Science
University of Michigan, Ann Arbor, MI, 48109-2122
Tel: (734) 763-8162, Fax: (734) 647-2106
behdad@eecs.umich.edu, saraband@eecs.umich.edu

Introduction

With the current advancement in communication technology and tremendous growth in
the wireless communication market and consumer demands, the need for smaller, more
reliable and power efficient integrated wireless systems is more than ever felt. For future
wireless devices, implementation of the entire transceivers on a single chip is being
envisioned with the goa of reducing the cost and making them more affordable.
Antennas are an inherent part of any wireless system and appear to be the largest
components of any such system. Antenna miniaturization is then an important task
towards achieving the integration and miniaturization of wireless communication
systems. The subject of antenna miniaturization is not new and has been extensively
studied by various authors [1-3]. Early studies have shown that for a single resonance
antenna as the size is decreased its bandwidth (BW), if it can be matched, and efficiency
decrease [1]. Thisis afundamental limitation which in general holds true independent of
antenna architecture. However, research on the design of antenna topologies and
architectures must be carried out to achieve maximum possible bandwidth for given size
and examine the applicability of the fundamental limitation on multi resonance antennas.
Recently, there have been a number of studies on different approaches for antenna
miniaturization while maintaining a reatively high bandwidth and efficiency. A novel
miniaturized slot antenna was recently presented [4] and later a similar architecture was
presented in the form of a folded antenna geometry in order to increase the bandwidth of
the miniaturized dot antennas [5]. In this paper antenna bandwidth enhancement using a
dual resonance architecture is examined. Basically the miniaturized slot antenna
configuration similar to the one used in [4] is considered to form a dual antenna structure.
In this new configuration one of the dementsis fed by a micro-strip transmission line and
the other one is fed parasitically by the first antenna. It is shown that the bandwidth of
this new double-antenna configuration is twice the bandwidth of a single antenna that
occupies the same space. In other words by keeping the same space as the single antenna
the bandwidth is increased by a factor of two. In the following sections first the design
steps will be studied and then the simulation and measurement results will be presented.

Double-Slot Antenna Design
In this section we will study the design of a double-slot miniaturized antenna using the
configuration of a single slot antenna presented in [4]. This dot antenna [4], whose
topology is shown in figure 1, occupies a small rectangular section of length a (=0.154,)



and width b (=0.13),), however shows a rather small bandwidth (less than 1%). A close
examination of the antenna topology reveals that the antenna covers only half of the
rectangular area, and therefore another antenna with the same geometry may be placed in
the remaining half without significantly increasing the size. Placing two antennas in such
proximity to each other allows for a parasitic coupling which can be taken advantage of
to increase the total bandwidth of the antenna (Figure 2a). In this design the two antennas
are tuned to resonate at fy by adjusting the overall dot length to an effective length of
A2, where }q is the guided wavelength in the slot. This way, the structure acts like a
coupled resonator the bandwidth of which is a factor of coupling strength between the
two resonators. By considering this antenna as a two port network where the second port
isin free space, its behavior can be explained using the coupled resonator filter theory.
Here the two antennas are chosen to be identical and their resonant frequency (fo)
determines the center frequency of the operation. The frequency domain reflection
coefficient (Sy;) of this second order system has two distinct zeros with a separation
proportional to the coupling coefficient. When these two zeros are close to each other, the
pass-band ripple is small. Conversely as the separation is increased the pass-band ripple
also increases and as a result the return loss, in the pass-band, deteriorates. Bandwidth
maximization is accomplished by choosing a coupling coefficient so that S;; remains
below -10 dB over the entire frequency band as the two zeros are separated. The coupling
coefficient is controlled by changing the length of the overlap section and the separation
between the two antennas (d and s in Figure 2b). The coupling is very strong in the
middle section of both antennas (figure 28) where the separation, s, is small. The other
sections of the two dots don’t couple significantly because of the large separation
between them. For this antenna, as can be seen from Figure 4, the two zeros occur at
848MHz and 860 MHz and the pass-band ripple is about 0.6 dB, equivaent to a
maximum S;; of -12dB at the center of the band.

One of the ways to match a slot antenna to the micro-strip transmission line is to use an
off-center feed. The input resistance of a slot depends on the location of the micro-strip
feed relative to the dot and varies from zero in the short circuited edge to a high
resistance at the center [4]. Therefore the location of strip-slot crossing can be chosen
such that best impedance match is achieved. Here, the feed is a narrow 75Q micro-strip
open circuited transmission line connected to a main 50 Q micro-strip line. The length of
the open circuited micro-strip line can be chosen to compensate for the reactive part of
the input impedance. Here the input impedance is not purely rea therefore the 75 Q line
is extended by 0.33k., (An IS the wavelength in micro-strip line) after the strip-slot
crossing to compensate for the reactive part.

Simulation, M easurement, and Fabrication
The double-slot antenna was simulated using IE3D [6] and fabricated on the Rogers
RO4350B substrate with the thickness of 500 xm, dielectric constant of 3.5 and tan
5=0.003 with a ground plane of 30.5x22.9 cm?. Figure 4 shows the measured and
simulated return losses of the antenna where a very good agreement is observed. The
discrepancy between the smulated and measured resultsis less than 0.46% and is mostly
because of the finite size of the ground plane. According to measured results the antenna
has a -10dB bandwidth of 21 MHz or 2.4% which is more than twice the bandwidth of a
single element antenna. This bandwidth can also be further increased (or decreased) by
changing the coupling value. Simulation results show that by reducing the overlap
distance, one can expect a maximum bandwidth of about 25 MHz from this particular
antenna. Figure 3 shows the simulated and measured return losses of a single element



used in the double-antenna which shows a bandwidth of 8 MHz or 0.9% and a center
frequency of 849 MHz.

The radiation patterns of the antenna were measured in the anechoic chamber of the
University of Michigan and the H-plane and E-plane radiation patterns are shown in
Figures 5 and 6 respectively. As can be seen from these figures, the cross-polarization
level is about -17dB at boresight. The gains of the double-slot and single-slot antennas
were also measured in the anechoic chamber using a standard reference log-periodic
antenna and are reported in Table I. The two slot antennas in the double-antenna are
excited in-phase therefore their equivalent magnetic currents generate in-phase fields
which will add up in the far field. Therefore the overal directivity of the double-slot
miniaturized antenna is more than a single element. The current distribution, however, is
not the same for different frequencies therefore dight changes in radiation pattern and
directivity occurs over the bandwidth. The double-slot antenna is about 25% larger than
the single antenna and features a bandwidth which is 2.3 times that of the single antenna.
In comparison with [5] which uses a folded dot antenna geometry to increase the
bandwidth, the increase in size is smaller (25% vs. 34%) and the increase in bandwidth is
larger (2.3 vs. 2). If the size of the double antenna is reduced to the size of the single
antenna a bandwidth increase of 100% can be achieved without increasing the size.

Table |. Comparison of different parameters between single and double slot antennas

Type Size Bandwidth Gan

Doubleslot | 0.165k x 0.157 Ao 2.4% f (MHz) 848 852 860

G (dB) 15 17 17

Single-Slot 0.133 %9 x 0.154 0.9% 1.5dB

Conclusions
A new approach to increase the bandwidth of miniaturized dot antennas using two
resonant structures is presented. This is accomplished by placing two antennas in close
proximity of each other without increasing the area occupied by the antenna substantially.
It is shown that the bandwidth can be increased by a factor of 2.3 while increasing the
area by only 25%. It is also possible to change the coupling to get a dua band antenna
with the same geometry.
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I ntroduction

Antenna miniaturization is a subject that has been around for a long time. The early
studies in the subject resulted in a series of theoretical papers describing the fundamental
limitations on small antennas [1]. As the size of an antenna structure is reduced, it is
predicted that its bandwidth and efficiency are reduced as well. Despite these qualitative
limitations, research must be carried out to achieve optimal antenna structures that can
provide the highest bandwidth and efficiency for a given antenna space available. This
has become an important research subject in recent years because of high demand for
compact and power efficient mobile wireless devices. Techniques for antenna
miniaturization can be categorized into three basic categories including 1) antenna
miniaturization using optimal antenna topology, 2) Antenna miniaturization using
magneto-dielectric materials, and 3) Antenna miniaturization using multi-resonance
radiating structures. A procedure for designing efficient miniaturized slot antennas was
proposed by Sarabandi [2] in which a special topology is used to achieve miniaturization.
In this paper we reexamine this topology and propose a modification that can result in
further size reduction without imposing any significant constraint on impedance matching
or reduction in the antenna gain. A resonant dot antenna can be modeled with a half-
wavelength transmission line short circuited at both ends. We will show that by using
series inductive elements distributed along the antenna aperture, its size can be reduced.
In other words, the guided wavelength of the resonant slot line is shortened by increasing
the inductance per unit length of the line by loading the line with series distributed
inductors. The size reduction is shown to depend on the number and value of the series
inductors. The technique will first be applied to a standard resonance magnetic dipole as
a means of comparison and then it will be applied to the miniaturized topology used in
[2] to achieve a lower resonant frequency without changing the area occupied by the
antenna. In what follows we will first study the design of both antennas and then present
the smulation and measurement results for them.

Antenna Designs
A dlot antenna fed by a micro-strip transmission line radiates as a magnetic dipole which
is considered the dua of an electric dipole. It is a simple antenna to analyze and its
characteristics are well-known. This antenna at its first resonance has the length of 142,
where )4 is the wavelength in the slot. The magnetic current distribution can be modeled
by the current of aA/2 transmission line short circuited at both ends. A series inductor in
this transmission line reduces its length at resonance. For dot lines, insertion of series
lumped elements is not possible. Besides, series lumped elements have a rather low Q
which adversely affect the antenna efficiency (gain). To realize the effect of series
inductors, a systematic array of distributed short circuited narrow dot-lines that are



placed aong the radiating segment of the slot antenna. The reduction in size may aso be
interpreted noting that the electric current flows in the conductor around the dot and by
putting a discontinuity (a series slot) normal to the current path, the current has to circle
around the discontinuity which creates a longer effective length for the antenna. Figure 1
shows a dot antenna loaded with a number of narrow slits which act as series inductors.
These slits are designed to have a length smaller than A4/4 in order to behave as inductive
elements. They, however, carry a magnetic current whose direction is normal to that of
the main radiator. Placing of only one dlit at a given point along the radiating slot will
cause significant asymmetry which can result in difficulties in antenna matching and
generation of cross-polarization. In order to circumvent this problem, two series dits are
placed on the opposite sides of the main slot. These dlits now carry magnetic currents
with equal amplitudes and opposite directions. Since the lengths of these narrow dlits are
small compared to the wavelength and they are closely spaced the radiated fields from the
opposite dlits cancel each other. That is, the dlits will not contribute to the radiated field.
Matching this dot antenna to the micro-strip feed is no different than ordinary dot
antennas and standard slot antenna matching techniques can be used. Here an off-center
micro-strip feed is used to match the input impedance. The micro-strip feed can then be
grounded after the dot-strip transition or an open circuit quarter wavelength line can be
used instead. Using an open circuited micro-strip line gives the flexibility to compensate
for the reactive part of the input impedance by changing the line length. The best location
and length of the micro-strip line are found by trial and error in the full wave simulations.
Here for both dot dipoles (with and without series inductors) the lengths of the extended
micro-strip lines were found to be A,/4 where i, is the wavelength in the micro-strip
transmission line at their respective resonance frequencies. This shows that the imaginary
parts of the input impedances in both cases are relatively small and by choosing the right
location for the feed, the input impedances can be directly matched to the 50Q
transmission line feed.

Figure 5 shows a miniaturized slot antenna designed using the same procedure outlined in
[2], however the radiating slot is modified by inserting a number of series inductive
elements. This antenna without the series inductors is already miniaturized but adding
series inductive elements further reduces the resonance frequency of the antenna. Instead
of using identical inductive elements along the radiating slot, different size inductive dlits
are used to cover most of the available area on the printed circuit in order to not increase
the antenna size. The antenna is matched to a micro-strip transmission line in a manner
similar to the magnetic dipole described before. The only difference is that here the feed
line is a 75Q micro-strip connected to a 50Q2 transmission line. The reason for using a
75Q lineis its narrow width which alows for localized and compact feeding. In this case
the open circuited micro-strip line lengths beyond the slot crossing are respectively 0.3k,
and 0.26A,, for the miniaturized antenna and loaded miniaturized antenna. This shows
that the imaginary parts of the input impedances of both antennas are relatively small. In
the next section the simulation and measured results for these antennas are presented.

Simulation, Fabrication, and M easurement
The magnetic dipoles with and without series inductors were smulated using 1E3D [3]
and fabricated on a 500 um thick Rogers RO4350B substrate with €=3.5 and tan
6=0.003. Figure 2 shows the ssmulated and measured return losses for the magnetic
dipoles. As can be seen the dipole has a resonance frequency of 2.22 GHz and a 10 dB
bandwidth of 235 MHz or 10.7%. The loaded dipole with the same length as that of the
unloaded dipole has a resonance frequency of 1.24 GHz and bandwidth of 63 MHz or
5%. This result indicates a 44% reduction in the resonant frequency and a reduction in



bandwidth as expected. The overal size can still be reduced by using longer short
circuited transmission line loadings if they can be designed in a compact configuration.
The radiation patterns of the small dipole antenna were measured in the anechoic
chamber of the University of Michigan and are presented in Figures 3 and 4. It is shown
that the cross polarization components in the far field in both planes are negligible
therefore confirming the fact that the radiation from the magnetic currents in the
inductive loadings with opposite directions cancel each other in the far field. The loaded
and unloaded slot antennas based on the design given by [2] were also fabricated on the
same RO4350B substrate. Figure 5 shows the schematic of a loaded miniaturized slot
antenna (note that the inductive series dlits are not identical). Figure 6 shows the
simulated and measured return losses of the loaded and original miniaturized antennas. It
is shown that the resonant frequency of the antenna shifts down from 1116 MHz down to
959 MHz (14% reduction) by inserting seriesinductors. In this design, the overall printed
circuit size is unchanged. Figures 7 and 8 show the E-Plane and H-Plane radiation
patterns of the loaded miniaturized antenna, respectively. The gains for these
miniaturized antennas were measured in the anechoic chamber using a standard |og-
periodic reference antenna and were found to be 0.8 dB and 0.7 dB for the antennas with
and without seriesinductors, respectively.

Conclusions

In this paper the effect of inserting an array of series inductors to a resonant slot antenna,
on size, bandwidth, and gain of the antenna was investigated. The results show that the
antenna size can be reduced efficiently without adverse effect on the impedance matching
and antenna gain. However, as it is expected that the antenna bandwidth is reduced as a
result of this miniaturization process. The technique was demonstrated using a standard
and a miniaturized dot antenna and good agreement between simulations and measured
results were obtained.
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INTRODUCTION

Antenna miniaturization for mobile wireless applications has recently drawn a lot of attention.
This interest is, in part, owing to the ever-increasing demand for numerous applications on a
single platform, which typically operate at different frequency bands, and therefore, require
different antennas. In addition to the size of an antenna, power efficiency and cost are among
other important issues that have to be considered in any antenna design for wireless
applications. Recently, the authors have proposed a novel miniaturized topology to be used for
designing miniaturized slot antennas [1]. This structure can provide very small antennas with
rectangular dimensions as small as (0.05 x 0.05),). Figure 1 depicts the layout of this design
at 300 MHz. In order to increase the bandwidth of the proposed antenna, a new miniaturized
design, namely, a miniaturized folded-slot structure was proposed [2]. The structure, shown in
Figure 2, typically has a bandwidth twice as wide as that of the miniaturized slot antenna. In
addition to their small size, the proposed structures are highly efficient as compared to a typical
miniaturized antenna. Moreover, the input impedances of these antennas are matched to a 502
transmission line without introducing any loss in the feed network. The above figures of merit
associated with the proposed miniaturized structures make a slot antenna a prudent choice for
wireless applications. However, there is a concern with regard to the ground plane of the slot-
lines and slot antennas, and how the size of slot ground plane can affect the radiation
characteristics of the antenna. Note that in order for a slot antenna to be dual to its
complementary dipole antenna through Babinet’s Principle, the ground plane should be
assumed infinite, which is not realizable except when magnetic current discretization is applied
in Moment Method simulation [3]. Additionally, the size of the antenna’s ground plane has been
demonstrated to affect the radiation characteristics and the efficiency of the antenna [4]. In
essence, [4] asserts that as the size of the ground plane decreases, the gain of proposed slot
antenna reduces, and its radiation pattern and resonant frequency deviates from that of an ideal
infinitesimal dipole. Despite these ramifications, the proposed slotted structures are still very
suitable since in many mobile platforms, such as automotive and military vehicles, a large
ground plane is readily available. For a system with multiple antennas, a ground plane can be
shared among different antennas, and therefore, it does not increase the overall size of the
system. This paper focuses on eliminating the need for a ground-plane when it is not readily
available. To serve this purpose, a topology dual to the previously proposed miniaturized
folded-slot is introduced, and will be referred to as a miniaturized printed folded-dipole. A
prototype of this miniaturized printed antenna has been designed, fabricated, and tested. The
radiation characteristic of the printed antenna is then compared with its dual structure.

MINIATURIZED PRINTED FOLDED-DIPOLE
In this paper, we propose a new miniaturized antenna structure which unlike slot antennas, does
not need a ground plane. Figure 3 shows the layout of a typical printed folded-dipole topology.



As mentioned before, this structure is a dual to the folded-slot antenna of Figure 2. As
illustrated in Figure 3, there are two main vertical arms at the center of the structure terminated
by distributed capacitive loadings. Since the electric current gains its maximum on these two
center arms, they contribute considerably to the radiation resistance of the structure. In addition
to these two main arms, the radiation from the capacitive terminations cannot be overlooked.
The radiation resistance of an infinitesimal dipole with a constant current distribution can be
calculated analytically [5]. This quantity is multiplied by a factor of four in the case of an
infinitesimal folded-dipole; that is:

R, = 4x807* (L)’ 1
‘ vl

Using (1), the radiation resistance of a miniaturized folded-dipole antenna with the length of
0.055M,, is calculated to be R, = 9.55Q. Obviously, this value is only the contribution of the
center arms radiating in free space, and the radiation from the loading coils is yet to be included.
Furthermore, the effect of the dielectric substrate in increasing R, has to be determined using a
full-wave simulation [3]. Figure 4 shows the simulated input admittance of the miniaturized
printed folded-dipole antenna of Figure 3 when fabricated on a 0.762mm thick RT Duroid 5880
substrate, with dielectric constant of €, = 2.2, and loss tangent of tan 6= 0.0009. The simulated
input impedance of this structure at resonance can be read from Figure 4 as R, = 42.7Q. The
difference between this value and the one obtained from (1) is owing to the radiation from the
coiled terminations, as well as the effect of dielectric material to raise the input impedance
level. This difference emphasizes the need for an accurate full-wave simulation to precisely
predict the near field characteristics of a miniaturized antenna. For comparison, the simulated
input impedance of the slot antenna, shown in Figure 2, is regenerated from [2] and illustrated
in Figure 5. As shown in this figure, the folded slot has a resonance at 337.9MHz with a
radiation resistance of about SK(. Note that such a high impedance can only be matched to a
50Q2 lime by means of a proper matching network, whereas the printed folded dipole is already
impedance matched. In the view of the Babinet principle, the input impedance of the two
complementary structures could have been linked if the dielectric constant of the substrate had
been set to g=1, (free space.) Although the Babinet principle calls for free space radiation, it
provides the designer with a good intuition about the range of input impedances of the two
antennas on a dielectric substrate. Invoking Booker’s relation gives:
_ 1 7702 1 _1 7702 1
Rapar = Je i &R, & 4R
Using (2) and substituting Ry, = SKC obtained from simulation, the approximate value for the
miniaturized printed folded-dipole antenna is found to be R0 = 3.23€2, which is very far from
the simulated value of R, = 42.7Q. The discrepancy comes is owing to the fact that the is not
radiating in a homogeneous dielectric space where the Equation (2) holds. Thus, there is no
choice other than using the full wave simulation for the antenna structure. Another advantage of
the printed miniature topology is that its impedance is very close to 50€2 and no complicated
matching network is needed.

)

slot

Antenna Fabrication and Experiment
The printed dipole antenna requires a balance input to ensure a symmetric current distribution
on both arms of the antenna. Both lumped element (RF Transformer chips) and distributed
baluns can be used to transform the unbalanced coaxial feed into balanced coplanar strips
(CPS), which are ultimately connected to the printed folded-dipole. Figure 6 shows a typical
Marchand balun [6]. The layout of the antenna with a Marchand balun is illustrated in Figure 7.
This antenna was fabricated, and its radiation characteristics were measured. This antenna can
fit within a rectangular area of 0.060A, x 0.065X, at 336MHz. The simulated and measured
input return loss of this antenna are compared in Figure 8, where very good agreement is
observed between the two. However, there is about 1% shift in the resonant frequency, which



Table. I. Comparison between miniaturized slot and miniaturized folded slot antennas.

Antenna Type Size BW (%) Gain (dBi) Directivity
sim | meas | Sim | meas (dB)
Miniature slot[1] 0.05Xy x 0.05%, 0.058 | 0.34 | 1.0 | 3.0 1.9
Folded slot [2] 0.0671yx 0.0672, | 0.12 | 0.93 | 1.0 | 2.7 1.8
Printed dipole 0.06) x 0.065X\, 045 | 070 | -7.0 | -6.5 2.4

can be attributed to the numerical error and the finite size of the dielectric substrate. The
measured radiation pattern of this antenna for E and H principle planes were plotted in Figures
9. It is seen that the E plane pattern of this structure is very similar to that of an infinitesimal
dipole. In contrast, an asymmetric null appeared in the H plane pattern at 6 = —90°, even though
a constant pattern in the H plane had been expected. This asymmetry emerged because of the
presence of the balun. The major portion of the observed cross-polarized radiation is believed to
emanate from feeding cables rather than the antenna itself. The far-field gain of this antenna is
measured to be —6.5 dBi, which is slightly higher than the value predicted by the simulation.
Table. I, shows a comparison between both simulated and measured bandwidth of the antenna
proposed in this paper with two previously proposed miniaturized slot antennas [1]-[2].
Obviously, one can see a considerable difference between the efficiency and gain of slot
antennas and the printed dipole introduced in this paper.

CONCLUSIONS
A new miniaturized printed antenna was presented as a dual structure to the miniature folded
slot antenna. This antenna requires neither a ground plane, nor any matching network.
Considering its size, this resonant antenna had a fairly wide bandwidth. It can be ascertained
that miniaturized slot antennas exhibit superior efficiency compared to their printed duals, given
that a large enough ground plane is readily available.
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Abstract —In this paper the concept of a new class of
miniaturized filters using printed circuit technology is
presented. The building block of the proposed filter is a
miniaturized high-Q printed slot-line resonator, which allows
for the realization of both standard coupled-line and cross-
coupled quasi-elliptic filters. Each resonator occupies an area
as small as 0.03Ay%0.06\, and can be shown to have a Q as
high as 200 at 2.4 GHz. Analytical, and numerical methods
are employed to outline a design procedure. An integral
equation full-wave method is used to macro-model the
coupling coefficient between two adjacent resonators as a
function of their relative distance and orientation. Filter
theory is used to design different filter types. The design
procedure is validated by comparing the simulated S-
parameters of a two-pole and a four-pole Chebyshev filter
with those measured from prototypes operating, respectively
at 515 MHz and 400 MHz.

1. INTRODUCTION

With the ever-increasing demand for mobile wireless
devices, there is a significant interest in low-cost, power-
efficient, and miniaturized active and passive RF
components. Filters and multiplexers are common
components of almost all wireless devices. Hence in
recent years, interest in research into novel filter
architectures, with an emphasis in filter miniaturization,
has been renewed [1]-[3].

In what follows the application of a novel miniaturized
slot-line resonator which shows a relatively high Q for the
design of different filter types is considered. The basic
architecture of these resonators is the basis for a class of
miniaturized planar antennas considered for integration on
a wireless chip [4]-[6]. For the antenna design, a specific
topology was considered to enhance radiation from the
antenna structure. However, for the application at hand
the resonator topology is modified so that the radiation
from different segments of the slot-line resonator would
cancel each other in the far-field region and thereby a
high-Q non-radiating resonator is achieved.

The ultimate goal here is to incorporate a high
efficiency miniaturized on-chip antenna design with the
proposed high performance slot-line miniaturized filter to
achieve a superior RF front-end performance for mobile

ig. 1. Schematic of a miniaturized folded slot antenna fed
by a capacitively coupled CPW line
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Fig. 2. Schematic of a miniaturized inductively loaded slot
antenna fed by a microstirp-line.

wireless devices. The authors have proposed extremely
miniaturized slot antenna structures for mobile wireless
applications, namely, a miniaturized folded slot antenna
[4], and an inductively loaded miniaturized slot antenna
[5], which are shown in Figs. 1 and 2, respectively. The
dimensions of these two antennas are as small as
0.067A%0.067A, and 0.05A(%0.05A,, respectively. These
antennas were also shown to be perfectly matched without
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having used any resistive loading, and are therefore,
highly efficient. The high efficiency of these antennas
indicates that the proposed slotted structures are very good
choices for designing low insertion-loss band-pass filters.

In this paper preliminary results related to the design
procedure and performance evaluation of the proposed
miniaturized filters are demonstrated.

II. DESIGN PROCEDURE

A band-pass filter may be characterized by a set of
internally coupled resonators (not necessarily identical) all
resonating at the same frequency, and an external quality
factor denoting the input and output couplings. The
couplings between resonator pairs and the input/output
coupling are represented by kjj, and Q.y, respectively. The
coupling coefficient between two resonator pairs is
extracted from the full-wave simulation of the two-port
structure [7], using the pole-splitting method [8]. In the
pole splitting method, a relationship is established
between the frequency separation of the poles, and the
coupling coefficients. Given that f, and f; are the
frequencies at which the S21 reaches its peak values, the
coupling coefficients can be obtained from:

2 _ 2
f=de I (1)

The external quality factor can be characterized using
the full-wave simulation of the excited input or output
resonators. The external coupling can be expressed in the
form of:

fo

== )
O [z

Qext

Fig. 4. Photograph of the two-pole filter at 515MHz.

where in the above f) and &f are the resonant frequency
and the -3dB bandwidth of the input and output
resonators, respectively. The extracted external couplings
obtained from the full-wave Method of Moment (MoM)
simulation for slotted structures, however, are not very
accurate since the size of the substrate and ground plane is
assumed to be infinite, and also the slot ground plane is
considered a perfect electric conductor. Thus, the external
coupling needs to be fine-tuned experimentally.

III. MINIATURIZED FOLDED-SLOT BAND-PASS FILTER

Figure 3 shows the schematic of two coupled folded
miniaturized resonators, which are inductively excited.
The coupling coefficient of this structure is extracted from
the full-wave simulation data and plotted in Fig. 3 as a
function of resonators’ distance (d). Since the two
resonators are very compact, two different mechanisms
contribute to the coupling between them, and in general
both electric and magnetic coupling are present. In this
configuration, however, the electric coupling is dominant.
The external couplings of these resonators can be
controlled by introducing an impedance step between a
50Q CPW line and the folded miniaturized slot [1].

As the first example, a two-pole band-pass Chebyshev
filter with the fractional bandwidth of A=2.5% at the
frequency of 515 MHz, and pass-band ripple of 0.15 with
the return loss of less than —15dB is considered. The
required coupling coefficient and external quality factor of
this filter is found to be £=0.0317, and Q.,=38.02,
respectively [9]. The coupling coefficient between the two
resonators can be realized using the data provided in
Fig.3, and the distance between the two resonators is
found to be d=4mm. This filter was fabricated on a
RT5880 Duroid [10] substrate with €=2.2, and tan(d) =
0.0009. Fig. 4 shows the photograph of this filter.
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The simulated and measured frequency responses of
this filter have been compared in Fig. 5, where a very
good agreement between the two is observed. This filter
can be fit in a rectangular area of 0.09A%0.12A,. The
minimum insertion loss of this filter is measured to be
1.2dB. As mentioned earlier the MoM simulation used
here cannot model the metallic loss of the structure and
that is why there is a slight difference between the
insertion loss predicted by the simulation and the
measured one.

III. MINIATURIZED SLOT-LINE BAND-PASS FILTER

The next example entails a four-pole miniaturized band-
pass filter design, with a bandwidth of A=3.0% at about
390MHz. In this example, the inductively loaded
miniature resonators [2] are employed. The size of each
single resonator, used to design this filter, is
0.032A¢%0.058\, where A, is the free space wavelength at
the center frequency. The miniaturized resonator pairs, in
this filter structure, are coupled in back-to-back and face-
to-face configurations. Each of these configurations has
been studied, and its corresponding coupling coefficients
were extracted. Fig. 6(a) and 6(b) show the schematic of
these two configurations, in addition to the extracted
coupling coefficients. A slot incision is introduced in the
face-to-face coupling configuration to reduce the coupling
between the resonator pairs, without having to increase
the separation between the pairs, and therefore, to achieve
a more compact design. Fig. 7 depicts the photograph of
this filter fabricated on a RT58850 Duroid substrate
similar to the one used for in the previous example. The
dimensions of this four-pole filter are as small as
0.058Aox0.15A, =0.009\%, at the center frequency. A
comparison of the measured and simulated frequency
responses of this filter is illustrated in Fig. 8, where a very
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Fig. 6. Extracted coupling coefficients for two different
coupling configurations: (a) back-to-back configuration; (b)
face-to-face configuration with an incision.

good agreement is observed. In this example, an insertion
loss of 3.7dB is achieved. Obviously, because of
introducing an incision in the face-to-face coupling
configuration, a zero associated with the mixed electric
and magnetic couplings appears in one side of the
rejection band. Note that the observed zero here is coming
from a mechanism different than that for an elliptical
filter, while in elliptical filters, the pass-band zeros are the
results of the cancellation of multi-pass signals through
different resonators.

V. CONCLUSION

In this paper, two novel miniaturized slot-line resonator
structures were proposed. The slot-line and folded slot-
line miniaturized resonators were shown to be excellent
candidates to design low insertion-loss band-pass filters.
Moreover, the size of these resonators can be varied
depending on the magnitude of the inductive loading of
the resonator with a moderate decrease in the resonators’



Fig. 7. Photograph of the four-pole miniaturized slot-line
filter.

Q. Different types of coupling mechanisms, including
electric, magnetic, and mixed coupling is feasible by
proximity and only depending on the mutual orientation of
the resonator pairs. A few of these -coupling
configurations were characterized and employed to design
two prototype filters. One was a two-pole band-pass filter
with a fractional bandwidth of A=2.5% at 515MHz and an
insertion loss of 1.2dB, which only occupies an area as
small as 0.09A¢%0.12A,. The other example is a four-pole
band-pass filter with A=3.0% at 400MHz, with an
insertion loss of 3.7dB, and dimensions of
0.058Mx0.15A,.
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Abstract

In this paper the design of a compact, efficient and electronically tunable antenna is presented. A
single-fed resonant slot loaded with a series of PIN diode switches constitute the fundamental structure of
the antenna. The antenna tuning is realized by changing its effective electrical length, which is controlled
by the bias voltages of the solid state shunt switches along the slot antenna. Although the design is
based on a resonant configuration, an effective bandwidth of 1.7:1 is obtained through this tuning without
requiring a reconfigurable matching network. Four resonant frequencies from 540 to 890 MHz are selected
in this bandwidth and very good matching is achieved for all resonant frequencies. Theoretical and
experimental behavior of the antenna parameters is presented and it is demonstrated that the radiation
pattern, efficiency and polarization state of the antenna remain essentially unaffected by the frequency

tuning.
Keywords

Reconfigurable antenna, electronic tuning, compact design, resonant frequency, PIN diode switch,

MEMS device.

I. INTRODUCTION

With ever-increasing demand for reliable wireless communications, the need for efficient
use of electromagnetic spectrum is on the rise. In modern wireless systems spread spectrum
signals are used to suppress the harmful effects of the interference from other users who
share the same channel (bandwidth) in a multiple-access communication system and the
self-interference due to multipath propagation. Also spread spectrum signals are used for
securing the message in the presence of unintended listeners and alleviating the effects
of communication jammers. One common feature of spread spectrum signals is their
relatively high bandwidth. This is specifically true for frequency-hopped spread spectrum
communications system. In a frequency-hopped spread spectrum system a relatively large
number of contiguous frequency slots spread over a relatively wide bandwidth are used to
transmit intervals of the information signal. The selection of the frequency slots for each
signal interval is according to a pseudo-random pattern known to the receiver.

Signal propagation over large distances and in urban and forested environment can
take place at UHF and lower frequencies. At these frequencies, the size of broadband
and efficient antennas is considerable. Techniques used to make the antenna size small,

usually renders narrow-band antennas. To make miniature size antennas compatible for a
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frequency-hopped spread spectrum system, we may consider a reconfigurable narrow-band
antenna that follows the pseudo-random pattern of the frequency-hopped modulation.
In this paper the design aspects of compact, planar, and reconfigurable antennas are
considered and the feasibility of such designs is demonstrated by constructing and testing
a planar reconfigurable slot antenna operating at UHF.

Compared to broadband antennas, reconfigurable antennas offer the following advan-
tages: 1) compact size, 2) similar radiation pattern and gain for all designed frequency
bands, and 3) frequency selectivity useful for reducing the adverse effects of co-site inter-
ference and jamming.

In recent years, reconfigurable antennas have received significant attention for their
applications in communications, electronic surveillance and countermeasures by adapting
their properties to achieve selectivity in frequency, bandwidth, polarization and gain. In
particular, preliminary studies have been carried out to demonstrate electronic tunability
for different antenna structures [1-11]. It has been shown that the operating frequency or
bandwidth of resonant antennas can be varied when a tuning mechanism is introduced.
Several interesting approaches are presented by Sengupta [1], [2] and Guney [3]. In the
literature, tuning is accomplished using varactor diodes [4], [5], or by the application of
electrically [6] and magnetically tunable substrates [7], [8] with the use of barium strontium
titanate (BST) and ferrite materials respectively.

Tuning of printed dipole or slot antenna have also been considered since they share
the same advantages of portability, low profile and compatibility in integration with other
monolithic microwave integrated circuits (MMICs). Kawasaki and Itoh [9] presented a 1A
slot tunable antenna loaded with reactive FET components. Although the radiation pat-
tern properties were preserved in all resonant frequencies, the tuning range of the resulting
antenna was very limited. Second-resonance cross slot antennas were also presented by
Forman et. al. [10] in a mixer/phase detector system. A varactor diode was used in the
microstrip feed line and the resonance could be electronically tuned over a 10% band-
width. The bandwidth was increased to 45% when mechanical tuning was used by varying
the feed line length. Dipole tunable antennas were proposed by Roscoe et. al [11] where

printed dipoles in series with PIN diodes were studied. The dipole length was varied from

October 21, 2000 DRAFT



SUBMITTED FOR PUBLICATION TO TRANSACTIONS OF ANTENNAS AND PROPAGATION 4

A/2 to 1A depending on whether the dipoles were off or on. The operating frequencies
were selected from 5.2 to 5.8 GHz, while matching of only 4-5 dB was achieved.

The slot antenna proposed in this paper utilizes shunt switches that effectively change
its electrical length over a very wide bandwidth. To demonstrate the technique a recon-
figurable slot antenna capable of operating at four different resonant frequencies over a
bandwidth of 1.7:1 is designed and tested. Measurements of the return loss indicate that
excellent impedance match can be obtained for all selected resonant frequencies. No es-
pecial matching network is used and the matching properties are solely determined by
the placement of the switches. The loading effect of the PIN diodes in the antenna is
also characterized by a full wave analysis and transmission line theory and comparisons
between the real and ideal switches are also studied. Per design goals, it is demonstrated
that the reconfigurable slot antenna has the same radiation pattern at all frequencies.
Also, the measured radiation patterns agree with the theoretical ones. The polarization
characteristics and the efficiency behavior of the antenna as a function of frequency are
investigated using both theoretical and experimental data. Finally, some design guidelines
are provided and possible design improvements are discussed.

The strict requirements of a constant input impedance, gain, radiation pattern and
polarization can only be met, if both the passive structure and the tuning mechanism
are carefully designed and effectively integrated into the final design. Therefore, these
issues are discussed separately. Section II focuses on the passive antenna structure and
its properties. The switching mechanism, its loading effect on the antenna and the fi-
nal reconfigurable antenna are discussed in Section III. Finally, the measured results are

presented in section IV.

II. PASSIVE ANTENNA DESIGN

The antenna size at UHF and lower becomes critical and therefore special consideration
is required. A compact planar geometry is best suited since three-dimensional large and
bulky structures are in general undesirable, especially for military applications. Further-
more, some miniaturization techniques have been applied to reduce the size. This section
focuses on the passive slot antenna design issues emanating from the above principles.

First, the miniaturization capabilities provided by a high dielectric constant substrate
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were investigated. Inasmuch as an accurate characterization of its effect is needed, a com-
mercially available moment method code [12] was employed. First, simple slot antennas
were simulated at 600 MHz and their resonant length was determined as a function of the
substrate thickness and dielectric constant (Fig. 1). This analysis suggests that even at
low frequencies where the substrate is very thin compared to the wavelength, a miniatur-
ization factor of about 2:1 is possible, if a high dielectric constant substrate is employed.
However, the standard commercially available substrates are electrically thin at UHF and
below and therefore the 2:1 factor seems to be a limit difficult to exceed even for substrate
permittivities as high as 10.

In an effort to further decrease the total area occupied by the antenna, the slot config-
uration was altered from its standard straight form to an S-shape. From the simulated
equivalent magnetic current distribution on the straight and S-shape slots (Fig. 2), it is
obvious that they both closely follow a sinusoidal pattern with the maximum current con-
centrated in the middle of the slot. Other more complicated geometrical shapes can also
be used, but the S-shape slot does not contain any segment supporting opposing currents,
which would considerably deteriorate the radiation efficiency. It should also be mentioned
that, although the total area of the antenna is greatly reduced by this geometrical change,
the resonant length remains almost unchanged. For example, a resonant length of 136 mm
for a straight slot is slightly increased to 139 mm for S-slot at 600 MHz for a substrate
with €, = 10.2 and thickness of 2.54 mm.

The standard microstrip feed for the simple slot can also be used for the S-shape slot.
Fig. 3a shows the slot antenna with its feed-line, while Fig. 3b presents the input impedance
at the feeding point as a function of frequency. To achieve a good match to a 50€2 line,
the microstrip feed line has to be moved close to one end of the slot antenna. This implies
that the antenna input impedance is not very sensitive to small changes in the length of
the longer segment (l2, see Fig. 3a). This property will greatly simplify the design of the
tunable slot and its feeding network and will result in minimum complexity and maximum
reliability for the final antenna. More details on this issue can be found in Section III. This
property of the slot antenna makes it an attractive choice as a reconfigurable structure,

since most other antennas (such as dipoles) would require a specially designed matching
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network.

The resonant frequency of the above structure can be tuned by changing the electrical
length of the slot. This may be readily accomplished by introducing a short circuit at a
specific location. Then the slot will appear to be shorter and therefore the antenna will
resonate at a higher frequency. Fig. 4 and 5 show these concepts. In Fig. 4 three different
S-shape slots are presented along with their magnetic current distributions. The first slot
(a) is the one previously presented in Fig. 2 and it resonates at 600 MHz with a resonant
length of 139 mm. The second antenna (b) is 21 mm shorter and is found to resonate
at 700 MHz. Finally, the third slot (c) is obtained by modifying (a). Basically antenna
(a) is short circuited at 21 mm above its lower end. = The simulated return losses for
these three slots are shown in Fig. 5. It is also important to note that the microstrip
feed-line remains unchanged in all three cases. That is, the distance between the top end
of the slot and the feed line cross point remains constant and is equal to 3.2 mm . Fig. 5
shows that very good matching is achieved for both (b) and (c) slot antennas without
the need for modifying the feeding network. In addition, the slot antennas (b) and (c)
have almost identical resonant frequencies. The small difference in the resonant frequency
comes from the fact that antenna (c) appears somewhat electrically longer than (b) due
to the parasitic effects of the short circuit. Therefore, tunability is possible by introducing

these short circuits with no special matching network.

III. MODELING AND DESIGN OF ACTIVE ANTENNAS

In the previous section we presented the basic principle of controlling the antenna res-
onant frequency. It was also shown that even when a perfect short circuit is used, the
parasitic effects of the short can slightly affect the antenna performance and particularly
the resonant frequency. The parasitic effects become worse when a switch with finite iso-
lation is used. This section addresses the issues related to the design of a suitable solid
state switch and on the characterization of its effects on the antenna performance. Finally,
the complete reconfigurable antenna design is presented at the end of the section together

with its theoretical performance.
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A. Switch Design

To implement the electronic reconfigurability, the ideal shunt switches must be replaced
with PIN diodes. PIN diode’s reliability, compact size, high switching speed, small re-
sistance and capacitance in the on and off state respectively make it most appropriate
for the application at hand. The RF equivalent circuit of the diode is shown in Fig. 6
for both the on and off states. The reactive components C}, and L, model the packaging
effect, while the others come from the electric properties of the diode junction in the on
and off positions [13]. Typical values are also given for the HSMP-3860 diode [14] used in
this paper. The computed isolation (defined us 1/|S5;|?) for the circuit shown in Fig. 6a
is given by [14]:

2 2
RyZo XaZo
(R3+Xj + 2) + (R3+X3>

4

(1)

a = 10log

where Z; = Ry+ j X4 is the equivalent impedance of the diode and Zj is the characteristic
impedance of the line. In the example considered here, the characteristic impedance of
the line is approximately equal to 60¢2, which is calculated by the moment method code
[12] for a slotline with width of 2 mm, a finite ground plane of 60 mm (on both sides of the
slot) and a substrate permittivity e, = 10.2 (RT/Duroid) [15]. The isolation computed in
(1) is plotted in Fig. 7 as a function of frequency for the HSMP-3860 diode in the 6052
slotline. Although more than 25 dB isolation is possible at low frequencies, it degrades to
17 dB at 600 MHz and only 11 dB at 1 GHz due to the diode parasitic elements. However,
as will be shown, this attenuation is sufficient for a successful antenna tuning up to 900
MHz (see Section IV).

The switch bias network is presented in Fig. 8. An inductor of 470nH and three 10pF
capacitors are used to improve the RF-DC signal isolation. These values were chosen based
on the bias network RF equivalent circuit shown in Fig. 8b. The simulated performance
for the on and off states is presented in Fig. 8c. The RF-DC isolation is better than 30
dB for both states and the return loss is less than -20 dB for the off state. Finally, the

RF-RF isolation is comparable to the one shown in Fig. 7.
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B. Switch loading on the Antenna

Although the switch isolation is important since it determines the frequency selectivity
of the antenna, the switch loading on the antenna is equally important inasmuch as it
affects its resonant frequency and input impedance. The loading effects must be taken into
account for an accurate prediction of the antenna resonant frequency and input impedance,
especially when more than one switch is used for multi-frequency operation.

A transmission line equivalent circuit that models the loading effect of one diode on the

antenna is shown in Fig. 9. The transverse resonant technique [16] states that:
Zr(z)+ Z () =0 (2)

where Zg(2') and Zp(2') are the input impedances on the right and left of the reference

point respectively. For the unloaded transmission line in Fig. 9a equation (2) simplifies to:

tan (Bl) + tan (Blg) =0 (3)

or

h+m:ng n=1,23... (4)

which is the well known formula for these resonant antennas. Now it is important to see
what happens in the simplest case of having one switch on the antenna. Fig. 9b shows
the equivalent circuit of a transmission line loaded with one switch in the off position.

Equation (2) becomes then:

[ZowRC — cot (,BIRQ)] [tan (ﬂlL) + tan (,BlRl)] =1+ tan (,BlL) tan (ﬂlRl) (5)

Equation (5) can of course be solved numerically and an iterative method can be em-
ployed for finding the unknown lengths until the desired resonant frequency (fr) has been
achieved. A similar procedure can be followed if more than one switch is used on the slot,
but the process becomes a little more complicated if all resonant frequencies are to be
specified. We also need to note that equation (5) does not include any packaging effects,
but these can be readily incorporated in the model, resulting in more accurate modeling.

Only the loading effects when the switch is in its off state have been discussed up to

now. Nevertheless, the small on-state resistance also affects the antenna performance and
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particularly its input impedance. Full wave analysis was used to model these effects. For a
first order approximation, the resistance was modeled as a thin film resistor on top of the
slot and the packaging parasitic elements were neglected in this analysis. The parasitic
elements effect in the on-state can be important especially at the highest frequencies (see
Fig. 7). Fig. 10a shows the simulated geometry of an S-shape slot antenna loaded with
a resistive film, which is fed by a microstrip line and the Fig. 10b shows the simulated
return loss versus the switch on-state resistance for four different cases between 0 to 5.652.
In all four cases the position of the 50€2 feed-line was kept unchanged. It is obvious that
the matching level deteriorates rapidly as the resistance value increases, and for resistance
values above 1.5{2 the matching level becomes unacceptable.

However, this degradation can be avoided to some extent by elongating the upper end
of the slot as the resistance is increased. Fig. 10c shows the improvement on antenna
matching when the slot length was adjusted. It is found that, in all three cases, only a very
small line segment length needs to be added in order to improve the input impedance of
the antenna. Even for an extreme resistance value of 5.6(2 the required line segment length
is less than 3% of the total slot length, resulting in only a small change in the resonant
frequency. This method, maintaining a good impedance match will be utilized later (for
the design of reconfigurable antenna) by placing additional switches (matching-switches)
on the slot above the feed-line and synchronizing them together with the switches at the
other end of the slot (frequency-switches). However, it should be noted that the matching
switches will not represent perfect shorts and they will introduce an extra loading effect.
Nonetheless, this effect is negligible and matching levels of better than —20 dB can be
achieved, as will be seen next. Therefore, the matching properties of the reconfigurable
antenna will solely depend on the position of an array of switches on the slot and no
matching network will be necessary as frequency changes.

Having discussed the loading effects of the switches on the matching properties of the
antenna, their effects on the radiation characteristics of the antenna need to be found as
well. Ideally, the radiation efficiency should be that of the half-wavelength dipole, since
the antenna behaves effectively as a A/2 resonant slot at each of its operating frequencies.

However, the resistance of the switches in on states will obviously dissipate power and
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TABLE I
COMPUTED EFFICIENCY FOR SLOT ANTENNAS WITH A SINGLE SWITCH VERSUS ON-STATE RESISTANCE

VALUE

R [©)] 0 | 1.4 | 28 | 56
Efficiency [%] | 71.8 | 55.6 | 45.6 | 33.9

deteriorate the antenna efficiency. The dissipated power obviously depends on the diode’s
on-resistance and on the number of the switches on the antenna. Table I shows the
computed efficiency for the antennas previously discussed in Fig. 10. Dielectric loss has
been included in all cases. This explains the non-ideal efficiency when R = 0€2.

The above antenna efficiency analysis shows that even for a small series resistance of
R = 1.4Q) the antenna gain will be approximately 2.5 dB lower than that of an ideal half-
wavelength dipole. This is an inherent drawback of using PIN diode switches. However,
micro-electro-mechanical (MEMS) switches are becoming increasingly important and are
now a viable alternative as they offer very low power consumption and they come even in
smaller packages. [17], [18]. It has also be shown [20] that capacitive type MEMS switches
exhibit very low ohmic losses and therefore can be used for maximized antenna efficiency.
However, the required on-capacitance values renders them impractical for UHF frequencies.

Hence metal-to-metal contact, which have no cut-off frequency must be considered [22].

C. Design Considerations of a Metal-to-Metal Contact MEMS Switch

In this section the specifics of a metal-to-metal contact MEMS switch are described. A
slotline MEMS switch architecture similar to the one reported in [18] is especially designed
for the application at hand (see Fig. 11). The switch was originally developed for ultra low
actuation voltage (less than 10V) and low insertion loss. Furthermore, it is well suited for
low power applications, since the reported DC power consumption is in the W region.

The switch beam is made of electroplated Nickel (Ni) and is suspended approximately
d = 3um on top of the bottom metal layer (circuit metal layer). This is the standard
up-state of the switch. The beam is connected to the anchor points through thin meander

lines that have been included for low actuation voltage performance [18]. The switch
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actuation takes place when a DC voltage is applied between the switch beam and the DC
actuation pads (see Fig. 11). If the electrostatic force associated with this DC voltage is
sufficiently high, then the switch beam will bent downwards and will introduce a short
circuit through a physical contact with the RF pads. On the other hand, any metal-to-
metal contact between the switch beam and the DC actuation pads would be undesirable,
since it would result in a very high DC current flow that would cause the metals to stick.
Thus, a thin Silicon Nitride layer between the two metals has been deposited as a dielectric
insulator to prevent any DC contact. This is the reason for not connecting the slotline
ground planes and the DC actuation pads. In fact, the slotline ground planes are kept at
the same DC voltage as the switch beam to prevent any DC current flow through the RF
contact areas. The RF contact pads are about 1um thicker than the circuit metal layer
for a better contact in the down position. The fabrication process is rather complex and
is not discussed here. Interested readers are referred to [18].

The RF equivalent circuits for the up and down states of this switch are shown in
Fig. 12. These equivalent circuits are valid only for low frequencies (below 8 GHz) where
the distributed nature of the switch can be ignored. For higher frequencies, however, the
small transmission line sections between the three movable beams and the air-bridges have
to be taken into account because they will considerably affect the switch performance.

In the up-state the switch presents a very small parasitic capacitance in series with a
small inductance. For a first-pass design the up-state capacitance can be approximated
using the quasi-static formula of the parallel plate capacitor. A more accurate model can
be obtained with a full wave simulator to account for the fringing field effects [19]. IE3D
is used in this particular case and an up-state capacitance of Cyp = 50fF was calculated
for a distance d = 3um. Since the RF pads are 1um thicker than the circuit metal layer,
the effective gap for the up-state capacitor in the areas of the RF pads is 2um. These
calculations show that the up-state capacitance is an order of magnitude lower than that
of the PIN diode considered in the previous section . The series inductance can be also
modeled using full wave simulations [19], [21]. The simulated inductance value for this
structure is 1pH. It is obvious that the up-state equivalent components have negligible

values at UHF or lower and therefore they will not affect the performance of the antenna.
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Modeling of the down-state equivalent circuit components appears to be more difficult,
due to the uncertainty of the resistance R,. This resistance includes the ohmic loss of the
metal beam and the contact resistance in the RF pad areas. The ohmic loss is usually small
for this type of switches and is in the order of 0.1Q2 [19]. However, the contact resistance,
which will be the dominant factor, is difficult to predict and it can be more accurately
extracted from S-parameter measurements. In general, contact resistances depend on the
dimensions of the contact area, the conductivity of the metal used for the switch beam
and the contact pads as well as the value of the actuation force. More details can be
found in [23] where it is shown that large actuation forces result in low resistance values.
This implies that the actuation voltage for this switch should be higher than the minimum
value presented in [18].

The development of this switch and the resulting reconfigurable antenna is the subject of
further investigation and therefore estimated values for the components of the equivalent
circuits will be used here to assess the performance of the reconfigurable antenna with this
type of MEMS switches. Nevertheless, based on the previous discussion, the effects of using
a MEMS switch instead of a PIN diode are easily recognizable. The fact that the values of
the up-state equivalent circuit components are negligible, will greatly simplify the design
since the non-active switches will not affect the antenna resonance frequency. In other
words, the loading effect of a non-active switch will be negligible. However, this would
not necessarily hold in a higher frequency design. For example, for a Ka-band or even an
X-band antenna should still have to consider the effects of the up-state components, as
well as the previously mentioned distributed effects.

The loading effects in the down state will also be less severe. First, the power consump-
tion of the active antenna will be considerably lower with MEMS switches, as discussed
before. Second, since the inductance L,,, is three orders of magnitude lower than the PIN
parasitic inductance, the switch isolation will be nearly constant with respect to frequency.
Therefore, a design at a higher frequency can be easily realized without having the limi-
tation of a poor switch performance. Third, if a low RF contact resistance is realized, the
efficiency of the antenna will be greatly improved. Full wave simulations were performed

with the switch shown in Fig. 11 assuming a contact resistance of 0.5{2. The calculated
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TABLE II
THEORETICALLY CALCULATED RESONANT FREQUENCIES USING FULL WAVE ANALYSIS AND

TRANSMISSION LINE MODEL

MHz MHz
fr [ ] fr [ ] Switch Configuration

(TLN)® | (MM)®

542 561 |1=ON 234=OFF
596 627 |14 = ON 2,3 = OFF
688 711 | 1,3 = ON 2,4 = OFF
1002 950 |2 =ON 1,34 = OFF

“Transmission Line Model
®*Moment Method

efficiency for the antenna of Fig. 10 is 62.2% which is considerably higher than the one
obtained with the PIN diode implementation.

On the other hand, the switching speed of electrostatically actuated switches is in the
order of a few usec, while the PIN diode speed is in the nsec region. Nonetheless, this

speed is still rather acceptable in many applications in the wireless communication market.

D. Final Reconfigurable Antenna Design and Properties

Based on the design principles discussed previously, a reconfigurable slot (shown in
Fig. 13a) design is presented here. Four switches are used in order to tune the antenna
over a range of 540 to 950 MHz. Both full wave analysis and the transmission line model
were used in the design process. In this design three frequency-switches and a single
matching-switch are used. Table II summarizes the calculated resonant frequencies and
the conditions of all four switches for each resonant frequency. The transmission line model
has the advantage of allowing fast and accurate (as will be proven later) computation of the
resonant frequencies and can easily incorporate all the diode parasitics. However, the full
wave analysis is essential when an accurate prediction of the antenna input impedance is
needed. In the moment method code, the diodes were simulated as metal-insulator-metal

(MIM) capacitors and as thin film resistors in the off and on states respectively and as a
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TABLE III

CALCULATED POLARIZATION FOR THE RECONFIGURABLE ANTENNA

fr [MHz] | 561 | 627 | 711 | 950
Angle (°) | 60 | 70 | 60 | 40

result the packaging parasitics were ignored. This explains the 5% differences observed in
the computed resonances between the two models. Fig. 13b shows the calculated return
loss where a matching level of better than —20 dB has been achieved for all the operating
frequencies.

Since at every operating frequency the antenna radiates as a A/2 slot, the radiation
pattern remains unchanged when the frequency is shifted. The E and H-planes of a typical
calculated pattern are shown in Fig. 13c. The same holds for the antenna directivity.
However the efficiency and the gain will be reduced compared to a half-wavelength dipole
due to the resistive losses caused by the diodes. Fig. 13d shows the calculated gain using the
moment method analysis [12]. The gain is approximately —1 dB for the lowest frequencies
and increases to 1 dB for the highest one. Similar results hold for the antenna efficiency.

The reference angle of 0° represents the boreshight radiation angle. Although the S-
shape pattern considerably reduces the antenna occupied area, it has the inherent draw-
back that the polarization does not remain constant as the frequency is changed. The
antenna polarization (always linear) is determined by the orientation of a segment of the
slot (middle segment), where most radiated field is emanated from. However, as Table
ITI shows, the polarization does not change considerably (variation of about 30°). There-
fore, if the orientation of the receiving antenna does follow that of the transmitter as the
frequency is changed, a maximum polarization mismatch of 25% will be incurred. The
orientation of linear polarization reported in Table III is with respect to the x-axis (see

Fig. 13a).

IV. MEASUREMENTS AND DISCUSSION

The reconfigurable antenna designed in the previous section was fabricated on a 100 mil

thick RT/Duroid substrate (¢, = 10.2). The size of the ground plane was 5x5 in?.
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TABLE IV

MEASURED RESONANT FREQUENCIES AND THE NECESSARY BIAS VOLTAGES FOR THE SWITCHES

Bias Voltage [V]
fR [MHZ]

S1 | S2 | S3 | S4

937 -20 1 -20 | -20 | 1.1
603 1.1 -20|-20 1.1
684 0 [1.1-20 1.1
887 0 (111102

The first task was to measure the resonances and an HP8753D vector network analyzer
was used for the S-parameter measurements. The biasing voltage for the switches was
provided by a DC voltage source. After calibrating the network analyzer the antenna
return loss was measured when different combinations of the switches were activated. The
measured data are presented in Fig. 14, where a return loss of better than —13 dB is
observed at all resonances. The measured resonances are shown in Table IV together with
the necessary biasing conditions. Satisfactory agreement between theoretical, Table II,
and experimental ,/Table IV, data is observed. In addition, the transmission line model
gives slightly better results — except the highest frequency — mainly because the para-
sitic reactive elements have been included in this model and not in the moment method
technique. However, this is not true for the highest resonant frequency where an error of
13% exist between the transmission line model and the measurement. This discrepancy
can be attributed to the fact that the properties of the diodes, and particularly the element
values of its equivalent circuit, cannot be assumed constant up to 1 GHz.

A reverse voltage of —20 dB was applied to maintain the switches in off position and
by doing so a better matching level was achieved. This is an important issue particularly
when the antenna is used as the transmitter. Since the structure is a resonant structure
strong electric fields are established that can turn the diodes on and off at the RF frequency
and ruin the small signal design. This effect was clearly observed at the lowest resonance

with an input power of 0 dBm. In this case an improvement of about 5 dB was achieved
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by changing 0OV bias to —20V. With —20V bias we ensured that the diode remains in the
presence of RF signal.

One more interesting effect was observed for the highest resonance. We noticed that
better matching level would occur, if not only S3 but also S2 was forward biased. This
is due to the relatively low isolation that each diode provides at these relatively high
frequencies (see Fig. 7). Therefore biasing S2, results in higher isolation and reduces the
effect of leaked magnetic current in the area after the switch. The improvement in the
return loss was approximately 10 dB compared to leaving S2 unbiased for this frequency.

Next, far field patterns were measured in the University of Michigan’s anechoic chamber.
The E and H-plane were measured as well as the corresponding cross-polarization for
each operating frequency. An RF signal and a DC voltage source were used with the
reconfigurable antenna and a dipole with adjustable length was employed as the receiver’s
antenna. The dipole length was appropriately adjusted for each operating frequency of the
transmitting antenna until maximum received power was recorded. In order to find the E-
plane, the transmitting antenna was rotated until the electric field was vertically polarized.
Then the transmitter, placed on a turn table, was azimuthally rotated for measuring E-
plane cuts. The cross-polarized pattern was measured by rotating the receiver antenna by
90°. H-plane pattern measurements were conducted in a similar manner.

Although for slot antennas printed on a substrate it is expected that the radiated power
be higher in the half-space that include the dielectric substrate, no appreciable difference
was observed experimentally. This is easily explained since in this case the dielectric thick-
ness is about A/200 at 600 MHz and the size of the ground plane is small (approximately
A/3) at the same frequency. Therefore the antenna is almost bi-directional and equivalent
to a dipole in free space.

The measured data are presented in Fig. 15 for each resonant frequency. In these plots
0° denote the direction normal to the ground plane. These measurements show that the
H-plane closely follows the expected sinusoidal pattern. However, some slight asymmetries
near +90° exist for almost all frequencies. These discrepancies originate primarily from
two sources. First, parasitic radiation from the cables and the feeding network and second,

radiation from the edges of the dielectric. These sources of radiation also affected the E-
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TABLE V

MEASURED POLARIZATION FOR THE RECONFIGURABLE ANTENNA

fr [MHz] | 537 | 603 | 684 | 887
Angle (°) | 57 | 70 | 55 | 33

plane pattern measurements and they caused a difference of 3—4 dB between the minimum
and maximum measured value. (see Fig. 15). Despite these discrepancies, it is clear that
the far-field pattern remains unchanged versus the frequency tuning.

Gain measurements are accomplished using the comparison method [24]. A log-periodic
antenna with 6 dBi gain at 600 MHz was used as a reference antenna for these measure-
ments. The second resonance at 593 MHz was chosen as the operating frequency of the
reconfigurable antenna, so that to make direct comparisons with the reference antenna
possible. To measure the gain, the power received by the receiver dipole at 593 MHz
was recorded when both the reference and the reconfigurable antennas were used in the
transmitting mode inside the anechoic chamber under the same conditions. The mea-
sured gain was found —1.1 dBi, which corresponds to an efficiency of 47%. These results
closely resemble the calculated data. It should also be pointed out that the gain of the
slot antenna is reduced not only from the forward-biased diode resistance, but also from
the small ground plane size. However, a comparison between the measured and calculated
data reveals that the dominant degrading factor in gain is the dissipated power on the
diodes rather the ground plane size.

Finally, the antenna polarization was measured and the method previously described for
the pattern measurement was employed. The measured polarization orientation at each
frequency is provided in Table V. As discussed before, although the polarization does not
remain absolutely constant as the frequency is changed, the variation range is small and

comparable to the theoretical data (see table III).

V. CONCLUSIONS

A novel method for designing affordable, compact, reconfigurable antennas is proposed

in this paper. This method relies on changing the effective length of a resonant slot antenna
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by controlling combinations of electronic RF switches. Theoretical results for important
antenna parameters were validated experimentally. Important issues involved in the design
of such antennas and guidelines were also discussed. Based on the proposed method, a
compact planar reconfigurable slot antenna was designed, fabricated and measured and a
tuning range of 1.7:1 in the operating frequency was demonstrated. An important feature
of this design, backed by theory and experiments, is that radiation characteristics of this
antenna remain essentially unaffected by the frequency tuning. The design procedure is
general enough that allows wider tuning ranges to be achieved and can be used in many

commercial and military applications.

ACKNOWLEDGMENTS

This work was supported by the US Army Research Office under Contact DAAD19-99-
1-0197.

REFERENCES

[1] D. L. Sengupta, Resonant Frequency of a Tunable Rectangular Patch Antenna, Electronics Letters, 1984,
Vol. 20 pp. 614-5.

[2] D. L. Sengupta, Transmission Line Model Analysis of Rectangular Patch Antennas, Electromagnetics, 1984,
Vol. 4, pp. 355-376.

[3] K. Guney, Resonant Frequency of a Tunable Rectangular Microstrip Patch Antenna, Microwave and Optical
Technology Letters 1984, Vol. 7, pp. 581-5.

[4] N. Fayyaz, S. Safavi-Naeini, E. Shin, N. Hodjat, A Novel Electronically Tunable Rectangular Patch An-
tenna with One Octave Bandwidth, Proceedings of IEEE Canadian Conference on Electrical and Computer
Engineering, 1998, Vol. 1, pp. 25-8.

[6] S. H. Al-Charchafchi, M. Frances, Electronically Tunable Microstrip Patch Antennas, IEEE Antennas and
Propagation Symposium Digest, 1998, Vol. 1, pp. 304-7.

[6] K. A. Jose, V. K. Varadan V. V. Varadan, Ezperimental Investigations on Electronically Tunable Microstrip
Antennas, Microwave and Optical Technology Letters, 1999, Vol. 20, pp. 166-9.

[7] P.J. Rainville, F. J. Harackewiez, Magnetic Tuning of a Microstrip Patch Antenna Fabricated on a Ferrite
Film, IEEE Microwave and Guided Wave Letters, 1992, Vol. 2 pp. 483-5.

[8] R. K. Misra, S. S. Pattnaik, N. Das, Tuning of Microstrip Antenna on Ferrite Substrate, IEEE Transactions
on Antennas and Propagation, 1993, Vol. 41, pp. 230-3.

[9] S. Kawasaki, T. Itoh, A Slot Antenna with Electronically Tunable Length, IEEE Antennas and Propagation
Symposium Digest, 1991, Vol. 1, pp. 130-3.

[10] M. A. Forman, Z. B. Popovic, A Tunable Second-Resonance Cross-Slot Antenna, IEEE Antennas and
Propagation Symposium Digest, 1997, Vol. 1, pp. 18-21.

October 21, 2000 DRAFT



SUBMITTED FOR PUBLICATION TO TRANSACTIONS OF ANTENNAS AND PROPAGATION 19

[11] D. J. Roscoe, L. Shafai, A. Ittipiboon, M. Cuhaci, R. Douville, Tunable Dipole Antennas, IEEE Antennas
and Propagation Symposium Digest, 1972, Vol. 2, pp. 672-5.

[12] Zeland’s IE3D, Release 7, 2000.

[13] Hewlett Packard, Linear Models for Active Diode Surface Mount Packages, Application Note 1124.

[14] Hewlett Packard, Applications of PIN diodes, Application Note 922.

[15] Rogers Microwave Products.

[16] C. Balanis, Advanced Engineering Electromagnetics, John Willey & Sons, Chapter 8.

[17] C. Goldsmith, J. Randall, S. Eshelman, T. H. Lin, D. Denniston, S. Chen, B. Norvell, Characteristics of

Micromachined Switches at Microwave Frequencies, IEEE Microwave Theory and Techniques Symposium
Digest, 1996, Vol. 2 pp. 1141-4.

[18] S. Pacheco, L. P.B. Katehi, C. T. Nguyen Design of Low Actuation Voltage RF MEMS Switch, IEEE
Microwave Theory and Techniques Symposium Digest, 2000, Vol. 1 pp. 165-170.

[19] J. B. Muldavin, G. M. Rebeiz, High-Isolation CPW MEMS Shunt Switches-Part 1: Modeling, IEEE Trans-
actions on Microwave Theory and Techniques, 2000, Vol. 48 pp. 1045-1052.

[20] J. B. Muldavin, G. M. Rebeiz, High-Isolation CPW MEMS Shunt Switches-Part 2: Design, IEEE Transactions
on Microwave Theory and Techniques, 2000, Vol. 48 pp. 1053-1056.

[21] D. Peroulis, S. Pacheco, K. Sarabandi, L. P. B. Katehi, MEMS Devices for High Isolation Switching and
Tunable Filtering, IEEE Transactions on Microwave Theory and Techniques, 2000, Vol. 2 pp. 1217-1220.

[22] J. J. Yao, M. F. Chang, A Surface Micromachined Miniature Switch for Telecommunications Applications
with Signal Frequencies from DC up to 4 GHz, Proceedings of the International Solid-State Sensors and
Actuators Conference - TRANSDUCERS 1995. Vol.2. pp. 25-9.

[23] D. Hyman, M. Mehregany Contact Physics of Gold Microctantcs for MEMS Switches, IEEE Transactions on
Components and Packaging Technology, 1999, Vol. 22, pp. 357-364

[24] W. L. Stutzman, G. A. Thiele, Antenna Theory and Design, John Willey & Sons, Second Edition, Chapter
9.

October 21, 2000 DRAFT



SUBMITTED FOR PUBLICATION TO TRANSACTIONS OF ANTENNAS AND PROPAGATION 20
LisT OF FIGURES
1 Resonant length at 600 MHz for straight slot antenna (in free-space wave-
length) as a function of substrate thickness and dielectric constant. . . . . . . 22
2 Computed magnetic current distribution on (a) straight and (b) S-shape first-
resonant slot antenna. . . . . . ... o Lo 23
3 (a) S-slot antenna with microstrip feed-line and (b) the real and imaginary
parts of the input impedance as a function of frequency. . . . . . . . . .. .. 24
4 Current distribution for (a) 600 MHz S-slot, (b) 700 MHz S-slot, and (c) 600
MHz S-slot with a short-circuit 21 mm above its bottom edge. . . . . . . .. 25
5 Simulated results for the return loss of the antennas presented in Fig. 4. . . . 26
6 (a) PIN diode connected as a shunt switch in a transmission line. (b) RF
equivalent circuit for PIN diode including packaging effects. . . . . . . . . .. 27
7 Isolation from a shunt diode used as a switch placed in a 60€2 line. . . . . . . 28
8 (a) Layout of switch biasing network. (b) RF equivalent circuit. (c) On and
Off-state simulated RF performance . . . . . .. .. ... ... .. ...... 29
9 RF equivalent circuits for determining the resonant frequency of (a) unloaded
and (b) loaded with a single switch slot antenna. . . . . ... ... ... ... 30
10 (a) Slot antenna with resistive load representing actuated switch (units are in
mm). (b) Return loss for different values of switch resistance. (c) Improved
return loss with minor adjustments (< 4 mm) in the slot length above the
feeding point. . . . . . . . 31
11 Slotline MEMS switch (dimensions are in pm) . . . . . . ... ... ... .. 32
12 RF equivalent circuit for the MEMS switch in the (a) up and (b) down states 32
13 (a) Reconfigurable slot antenna (units are in mm) (b) Simulated return loss
for the four resonant frequencies. (c) Typical radiation pattern. (d) Simulated
gain the four resonant frequencies. . . . . . . .. ... oL 33
14 Measured resonant frequencies of the reconfigurable antenna. . . . . . . . .. 34
15 Measured radiation patterns for the four resonant frequencies . . . . . . . . . 35
October 21, 2000 DRAFT



SUBMITTED FOR PUBLICATION TO TRANSACTIONS OF ANTENNAS AND PROPAGATION 21

LisT oF TABLES

I  Computed efficiency for slot antennas with a single switch versus on-state
resistance value . . . . . ..o 10
IT Theoretically calculated resonant frequencies using full wave analysis and
transmission line model . . . . . . . ... Lo 13
IIT Calculated polarization for the reconfigurable antenna . . . . . . . . ... .. 14
IV Measured resonant frequencies and the necessary bias voltages for the switches 15

V  Measured polarization for the reconfigurable antenna . . . . . . . ... ... 17

October 21, 2000 DRAFT



SUBMITTED FOR PUBLICATION TO TRANSACTIONS OF ANTENNAS AND PROPAGATION 22

0.5

0.45

O]

N
EAN
T

Antenna resonant length [A
o
w
ol
T

0.3r
O
0.25F «
O
x er=2.2
02 | | | | |
0 1 2 3 4 5 6

Thickness of dielectric substrate [mm]

Fig. 1. Resonant length at 600 MHz for straight slot antenna (in free-space wavelength) as a function of

substrate thickness and dielectric constant.
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Fig. 2.  Computed magnetic current distribution on (a) straight and (b) S-shape first-resonant slot

antenna.
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Fig. 3. (a) S-slot antenna with microstrip feed-line and (b) the real and imaginary parts of the input

impedance as a function of frequency.
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Fig. 4. Current distribution for (a) 600 MHz S-slot, (b) 700 MHz S-slot, and (c) 600 MHz S-slot with a

short-circuit 21 mm above its bottom edge.
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Fig. 5. Simulated results for the return loss of the antennas presented in Fig. 4.
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Fig. 6. (a) PIN diode connected as a shunt switch in a transmission line. (b) RF equivalent circuit for

PIN diode including packaging effects.
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Fig. 7. Isolation from a shunt diode used as a switch placed in a 60{2 line.
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Fig. 9. RF equivalent circuits for determining the resonant frequency of (a) unloaded and (b) loaded

with a single switch slot antenna.
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Fig. 10. (a) Slot antenna with resistive load representing actuated switch (units are in mm). (b) Return
loss for different values of switch resistance. (c) Improved return loss with minor adjustments (< 4

mm) in the slot length above the feeding point.

October 21, 2000 DRAFT



SUBMITTED FOR PUBLICATION TO TRANSACTIONS OF ANTENNAS AND PROPAGATION

Fig. 12. RF equivalent circuit for the MEMS switch in the (a) up and (b) down states
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Fig. 13. (a) Reconfigurable slot antenna (units are in mm) (b) Simulated return loss for the four resonant

frequencies. (c) Typical radiation pattern. (d) Simulated gain the four resonant frequencies.
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Fig. 14. Measured resonant frequencies of the reconfigurable antenna.
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