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This is the final report for the U.S. Army Research Office Grant DAAL 03-86-k-0090. ‘
According to the reporting instructions (ARO Form 18, page 5) technical material which was
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The thrust of the research under this grant has been to develop the methodology for
the modeling and design antenna arrays and microstrip discontinuities for microwave circuit
applications. I believe that certain outstanding results have been obtained during this period
and these are highlighted in what follows:

H-Y. Yang's Ph.D. thesis involves several key contributions in the subject areas of
modeling microstrip discontinuities, microstrip transitions, and the synthesis of microstrip di-
pole arrays. This work has generated several journal publications within which one finds a |
fundamental contribution to the understanding of the above mentioned subjects. The analysis |
and the generated computer programs serve as practical tools for the design of microstrip cir- 1
cuits and microstrip dipole arrays. The methodology was substantiated in each case with an |
experiment. The journal publication "Design of Transversely Fed EMC Microstrip Dipole Ar-
rays Including Mutual Coupling" IEEE Transactions on Antennas and Propagation, Vol. 38,
No.2, February 1990 is only one of many examples from Yang’s excellent Ph.D. thesis work.
This is a seminal paper since it is the first publication where a full synthesis procedure is
developed for the design of transversely fed electromagnetically coupled dipoles. The solu-
tion is complete as it accounts for all substrate effects and mutual coupling. It demonstrates
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that mutual coupling contributes 25% of the total value of the array input active admittance
and it therefore can not be neglected. The design procedure evolved into the fabrication of a
microstrip dipole array. The experimental results show very good agreement with theory.

An evolution of Yang’s work has led to the understanding of microstrip discontinuity
effects. In particular the theory has been extended to model microstrip bends, T-junctions,
four ports, etc. In each case the algorithms account for a precise description of energy loss at
discontinuities due to radiation loss and surface wave loss. These models have also been sub-
stantiated with experiment. The models are now extended to provide precise designs for mi-
crostrip corporate feeds. This will lead to the design of two dimensional transversely fed
electromagnetically coupled dipole arrays.

Sincerely yours,

N.G. Alexopoulos
Professor
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Design of Transversely Fed EMC Microstrip
Dipole Arrays Including Mutual Coupling

HUNG-YU YANG, MEMBER, 1Eee, NICOLAOS G. ALEXOPOULOS, reLLow, ieeg, PHILIPPE M. LEPELTIER, anp
GEORGE J. STERN, SENIOR MEMBER, 1EEE

Abstract—Design techniques and procedures for microstrip dipole
arrays transversely fed by proximity coupled microstrip lines are pre-
sented. Two design equations, which include the cffects of mutual
coupling, are developed and the corresponding design curves are obtained
by a rigorous integral equation solution. A seven-clement standing wave
limear array is designed 10 Ulustrate the developed design procedures. The
design data are checked by a complete integral equation solution of the
array with good agreement. The measurements of radiation pattern and
input impedance are found in good agreement with the design goal.

I. INTRODUCTION

LTMAN INTRODUCED a class of electromagnetically

coupled (EMC) dipole antennas [1], [2]. The advantages
of EMC dipoles are greater bandwidth, higher efficiency and
an easier match to the feed lines, when compared to classically
fed printed antennas. Based on the transmission line circuit
model, Oltman and Huebner {2} built an EMC dipole array
with radiating elements parallel (collinear) to the feedlines.
Later, Elliott and Stern developed a rigorous design theory to
include the effects of mutual coupling which successfully
predicted the array performance [3], [4]. An efficient way to
obtain the design curves was reported later (5]-[7] based on
solving a Pocklington type integral equation using the method
of moments. The EMC collinear dipole is ideally suited to a
corporate feed, and elements of this type can be arranged in
circular as well as rectangular grids.

Another dipole antenna of the Oltman type is the EMC
transverse dipole, as shown in Fig. 1, where a dipole is
oriented transverse to an embedded microstripline. A string of
these dipoles above a common microstripline becomes a
linear array. Depending on dipole spacing, one can obtain
stanrding wave arrays or traveling wave arrays. A family of
these linear arrays becomes a planar array. Current excitation
on the dipole is governed by the amount of offset and the
dipole length. If the dipole straddles symmetrically, no
excitation of the dipole occurs., Weak coupling from line to
dipole can be achieved through a slight lateral displacement of
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Fig. 1. The electromagnetically coupled transverse dipole.

the dipole from its centered position. Because of this weak
coupling, large arrays are feasible [8].

Both theoretical and experimental studies of the EMC
transverse dipole have been reported recently [9], [10]. In this
paper, a design technique which includes mutual coupling is
developed for the EMC transverse dipole arrays. Two design
equations will be introduced in Section II. The.methods for
generating design curves will be discussed in Section IIl. A
design example will be given in Section IV together with the
experimental results. A numerical verification of the design
obtained by solving the boundary value problem of the whole
array system will also be provided.

II. Two DEsiGN EQUATIONS

For the transverse EMC dipole under consideration, it can
be shown from image theory that the scattering off the dipole
is symmetric. In other words, the forward and backward
scattering coefficients are the same. Therefore, in terms of the
transmission line equivalent circuit, the dipole can be approxi-
mated as a shunt element with respect to the feed [11]. Each
dipole in the array environment can then be modeled as a two-
port network as shown in Fig. 2, and the whole system is a
linear bilateral network. Therefore, one can write

N
In= 2 Vn Ymn

me=1

(M

as a.set of equations connecting the transmission line mode

0018-926X/90/0200-0145$01.00 © 1990 IEEE
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Fig. 2. Equivalent circuit of a dipole seen by the transverse microstripline.

voltages and currents at each reference port. The active
admittance of each dipole seen by the feed line can be defined
from (1) by

yo2r
n~ v,
=Y+ Y,b, @

where

N [V,
yi=Y (7”) Youm» 3)

m=l n

with the prime on ¥ indicating the term n = m is excluded.
Y, is the self-admittance and Y? is referred to as the mutual
admittance due to the mutual coupling between each dipole.
Since a linear system is assumed, the current in each dipole
can be written as

_"..=—l;—+2 — (4)

where I, is the curreat of the nth dipole for a given mode
voltage in the absence of other dipoles and I,,,, is the current of
the nth dipole due to the current in the mth dipole. The isolated
dipole current I, is a function of mode voltage, dipole length,
and dipole offset which can further be expressed as

In__ Yu

Va Su(Sns b)’
where f,(sn, I,) is a coefficient function relating the isolated
dipole current to its self-admittance.

The two design equations can be summarized from the
above derivations by

G

Iy, N,
n nn ¢ 4mn
Vo Ja mul Ve

and

Nt Vi
Y:= Ynn+ 2 V Yl"”‘ (7)
n

mwuli
It is noted that, for the EMC transverse dipole, the current
phase variation in an isolated dipole is quite large, typically 5°
to 10°; while, in contrast, the current due to mutual coupling
has a small phase variation. Therefore, in the design, the
coefficient function is not suitable for relating mutuai current
(Iun) and mutual admittance (Y,,). One can use the mutual
current term (/) directly in (6).

The fundamental design problem is now obvious. For a
given design goal (radiating current in each dipole /™) one
wishes to find a set of (s,, /,) such that not only is (6) satisfied,
but also the active admittance seen by each feed line is what
was prescribed. The definition of the radiating current in each
dipole may depend on the design goal. For example, if one
wishes to design a specific pattern in the H-plane (perpendicu-
lar to the dipole), the 7™ should be defined as the current
collapsed in the feed line. In other words,

12={" 1) . ®

In the two design equations ((6) and (7)), Ynn, frs Iua/V, and
Y.nn can be determined by the method of moments. This issue
will be discussed in the next section.

Suppose that all four functions are known. Further computa-
tions are still required to find the dipole lengths and offsets.
Since only relative currents in the dipoles are meaningful, one
can arbitrarily choose a dipole, say the nth, with length /, and
offset s,. For the moment, assume that no mutual coupling
exists and that the left-hand side of (6) can be determined
according to the design goal (desired currents in the dipoles).
One now can use the first design equation (6) to find N-1

dipole lengths and offsets. This procedure requires that a two-.

variable nonlinear equation be solved N-1 times. To avoid the
stability and solvability problem of this nonlinear equation, the
conjugate gradient method {12} can be used to provide
optimized solutions. Even if the above procedures are com-
pleted, a few iterations of changing the dipole length or offset
of the first selected dipole are required to provide the
prescribed input impedance. Now the design data is what one
should obtain if no mutual coupling exists. To include the
effect of mutual coupling, one can use the present design data
to compute the mutual admittance and mutual currents and go
back to the two design equations repeating the above itera-
tions. The whole procedure is iterated until convergence of the
design data is found.

III. Discussion oF THE METHOD OF MOMENTS SOLUTION

In order to make an accurate design possible, information
about the interaction between dipoles as well as dipole
coupling to the feed line is required. The method of moments
provides a rigorous and accurate solution. Integral equations
for the EMC transverse dipole can be written as

E(x, y)= H GuJO(x’, y") dx’' dy’

+ SS GyJP(x', y) dx" dy' (9)
and
E/(x,y)= SS G M(x', ') dx’ dy’

+{[ 6@,y ax dy' (10)

where J{)(x’, y’) is the current in the microstripline and
Jf)(x’, »’) is the current in the dipole. The functions G,
Gy, Gy and G,, are the dyadic Green’s function components.
A nice way of modeling the feed line is to use a finite but long

N B s A skl
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microstripline with a §-gap generator placed far from the line-
dipole coupling region [5], [6). When the combination of
piecewise sinusoidal and Maxwell current basis functions is
used .in the method of moments [5], [6] followed by the
Galerkin procedure, the matrix equations ‘

(Zmn ) In}=1E,) an

can be obtained. The excitation column vector E has compo-
nents E; = —1 when the § gap source is located at the center
of the kth basis function, and E, = 0 anywhere else. The
impedance matrix elements are in the form of

Zan={ [ LE=NDFOV+RRONT O, M)
* Im(Aes N)) cos (\Ax) cos (\,Ay) d\ dp (12)

when the mth and the nth basis functions are both on the dipole
or on the line, and

Zun={" [T MMLO)-HONT, O W)

« TuOher N) sin (\AX) sin (A, Ay) d\ dé, (13)

otherwise. The functions J,(As, A,) and J, (A, A,) are the
Fourier transforms of the expansion and testing functions,
respectively. (Ax, Ay) is the displacement vector of two basis
function centers, while A\, and A, are defined as

A=\ cos ¢ (14)

and

A=\ sin ¢. (15)

The functions f(N) and A()) are given explicitly in [13], [14].
The unknown currents in the feed line or the dipole can be
obtained by matrix inversion. As a result, one can use the
unimode transmission line theory to deduce the circuit
information from the methou of moments solution for the
current in the feed line. This procedure involves finding the
current maximum, minimum, and their positions. Detailed
procedures for this are shown in [5]. It is noted that in order to
find the dipole equivalent admittance, the dipole can be placed
a half-electrical wavelength from the line end such that the
stub admittance will not be included in the input admittance
observed by the feed line. An example of the input impedance
calculation for an isolated dipole together with the experimen-
tal verification [9] is shown in Fig. 3. In the calculation, 19
basis functions are used in the dipoie and 100 basis functions
are used in the feed line of 1.5 Ao long. The comparison shows
rather good agreement.

One of the features of using a'd gap source is that the mode
voltage of the line changes with change of the dipole length or
offset (load); therefore, care raust be taken to find this mode

- voltage, since as shown in (6); dipole current is proportional to-

the mode voltage and only théir ratio is useful in the design.

‘Another feature of using the moment method in the array
design is that the-information about the currents in the dipoles
can be obtained from the numerical process. This aspect is

147

Fig. 3. Comparison between theoretical and experimental resuits for the
input impedance of an EMC transverse dipole. ¢, = 2.17, ¢, = 2.17, H =
1.6mm,B =08mm, w; = Ilmm, w, = 2.2mm, Ax = 0, As = 4.5mm
and L = 12,4 mm.

- V"' Y

m

Fig. 4. Equivalent circuit of two parallel dipoles seen by a trangverse
microstripline.

particularly helpful, since one can use the dipole current
directly to design for the desired excitation instead of using the
equivalent circuit of the dipoles. This will be discussed further
in the next section. Other issues in this array design are how
the mutual coupling information can be separated from that of
the self-term and how this can be achieved without involving
the whole system at the same time. In order to solve these
problems, certain assumptions are necessary. It is assumed
that the self-admittance and self-current to mode voltage ratio
will be the same with or without the presence of other dipoles,
and that the mutual coupling between any two dipoles is
unaffected by the rest. These two assumptions are good jf
mutual coupling is not too strong [11], which is usually true
for practical arrays.

A method of computing mutual coupling of dipoles individ-
ually fed by a microstripline has been discussed in [7]. One of
the features of the array considered here is that the dipoles are
series fed by transverse microstriplines. The computation of
mutual coupling in this case requires a different approach from
[7). To find the mutual coupling information, one can consider
two dipoles fed by a microstripline and follow a numerical
method similar to that for an isolated dipole except for the
additional computation oi dipole to dipole reaction. The
equivalent circuit for these two dipoles is shown in Fig. 4. An
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Fig. 5. A seven-clement linear standing wave array. Elements are separated
by a guide wavelength.
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asymptotic extraction technique together with point source
approximation has been developed in [15] to compute effi-
ciently and accurately the reaction of two dipoles. After the
matrix inversion, the solution for the current in the line and
dipoles provides the total active admittance as well as active
currents of the dipoles. For the ath and mth dipole with
resonant spacing, the method of moments allows one to
compute the total active admittance
Yo, =Yit Y

lot

=Yt Youm F 2Ymn. (16)

The minus or plus signs depend on whether the dipole spacing
is an odd or even integer multiple of a half-guide wavelength.
From (16), if the self-adnfittance of each dipole is known, the
mutual admittance can be determined. The active currents in
the dipole 72 and 74, can also be obtained numerically and can
be described as

.l_:=.1_".".+ﬁ."£ (]7)
Vo Vo Va

and
—=—t-—, (18)
From (17) and (18) together with knowledge of the current

excited in an isolated dipole, the mutual current (Z,,) can be
obtained.
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Fig. 7. Coefficient function of the dipole versus offset sand length L. s =
032+ 0.12(k ~ I)mm, k= 1,2,3,-- 9. L = 11.91 + 0.025 (n —
Nmm,n=12,3,-7

IV. A DE&siGN EXAMPLE

The previous discussion of the design theory applies either
to a linear or a planar array. Here, a seven-element standing-
wave linear array will be designed to illustrate the design
technique. The geometry is shown in Fig. 5. A sum pattern in
the H-plane with a —20 dB sidelobe level was prescribed for
this array. The printed dipoles are series fed by a S0 Q
microstripline embedded in the middle of a substrate of
thickness 62 mil and permittivity 2.35. The design frequency
is 8.5 GHz and element spacing is chosen to be one guide
wavelength. All dipoles have the sarie width of 1 mm and the
offsets and lengths are to be found. The design curves for the
self-admittance Y,, and the coefficient function f, as a
function of offset and length obtained from the method of
moments solution are shown in Figs. 6 and 7, respectively. It
is found that, for the EMC transverse dipole, many basis.
functions are required to obtain adequate convergence. To
obtain each data point, 19 expansion modes are used in each
dipole, and piecewise sinusoidal modes of size of 0.04 guide
wavelength are used in the line. It is observed from Fig. 7 that
for different dipole offsets and lengths, the phase of £, is not a
constant. This implies that even for resonant spacing, to have
in-phase excitation, the dipole cannot be self-resonant. To
obtain a perfect match, the stub length Ax in Fig. 5 can be
suitably adjusted to tune out the total active susceptance.

The sampled data are used to construct the database such
that for a given offset and length the function value can
be obtained through a two-dimensional interpolation routine.
Mutual coupling between two dipoles is a function of dipole
lengths and offsets for a fixed spacing. It is found that mutual
coupling is not sensitive to a small change in dipole length.
Also from the results for no mutual coupling, it is found that
the lengths of all the dipoles are different by less than 0.2%.
Thercfore, in the mutual coupling computation, the dipole
lengths are held fixed. The mutual admittance and mutual
current as a function of offsets for one guide wavelength
spacing and fixed dipole length are shown in Figs. 8 and 9,
respectively. A similar procedure can be followed for a two
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Fig. 8. Mutual admittance of two dipoles versus their offsets. Element
spacing is one guide wavelength and L = 11.98 mm.
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Fig. 9. Mutual current of two dipoles versus their offsets. Element spacing
is one guide wavelength and L = 11.98 mm.

wavelength spacing, and so on. As a result, the interpolation.

or extrapolation method can provide the mutual coupling
information for any dipole spacing,.

The design data after a few iterations, including the self- and
mutual admittances are shown in Table I. The element spacing
is 23.6 mm and Ax = 9.68 mm. It is seen that the mutual
admittance is more than 25% of the total active admittance.
Theretore, it is concluded that even at one wavelength spacing,
the effect of mutual coupling should not be ignored. To provide
a confident check of the design data, the method of moments is
applied to the seven-element linear array. The results of active
admittance and current in cach dipole are shown in Table II
together with the results from the synthesis technique. It is
observed that the current amplitudes agree within 1 to 2% and
the phases agree within +1°. The admittance comparison is
also good.

The antenna array was built on a 12-in square Duroid board
as shown in Fig. 10. The measured return loss from the feed
line is shown in Fig. 11, The bandwidth of this array is about
4.2%. At the designed resonant frequency (8.5 GHz), the
measured VSWR is about 1.1. The agreement between the
theory and measurement confirms the importance of the

effects of mutual coupling. Both the desired and measured
radiation patterns in the H-plane are shown in Fig. 12, The
measured pattern is found to be in good agreement with the
design criteria. The asymmetry of the sidelobes is due to the
fact that the array is not symmetrically located with respect to
the edges of the finite array and therefore space and surface
wave diffraction at the edges contributes nonuniformly to the
radiation pattern. Another contributing factor may be the
limited accuracy of the photo-etching process in producing
identical microstrip dipoles and highly accurate interdipole
spacing.

V. CoNcLUSION

A synthesis method for the design of transversely fed EMC
microstrip dipole arrays has been presented. By using a
network representation, two design equations, which include
the effect of mutual coupling, are developed. An iterative
procedure using the conjugate gradient method has been
applied to solve the design equations. The design curves are
obtained numerically by the method of moments. The method
of computing mutual coupling is also described. It is found that

ula A seodbiss Ak
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TABLE 1
DESIGN DATA FOR A SEVEN-ELEMENT LINEAR‘ARRAY

Dipole Length in mm Yan Ymutual

No. |Offset in mm
1 0.5151 11.982 0.053§ +j 0.1040 | 0.014 + j 0.010
2 0.6834 12.000 0.0805 + j 0.0674.| 0.038 + j 0.023
3 ’ 0.8925: 11.983 .0.1422 + j 0.0093 | 0.056 + j 0.029
4 0.9500 11.973 0.1674 - j 0.0096 | 0.064 + j0.031
51 08925 11.983 0.1422 + j 0.0093 | 0.056 + j 0.029
6 0.6884 12.000 0.0805 + j 0.0674 | 0.038 + j 0.023
7 0.5151 11.982 0.0536 + j 0.1040 | 0.014 + j 0.010
Y, =-0.996 + j0.02 (result from iterations)
Y, = 1.000 — j0.04 (result from IES)
TABLE Il
DESIGN CHECK THROUGH AN INTEGRAL EQUATION SOLUTION

No. Desired Current 1ES Current

1 l.0000\< 0.0 1.0000 < ‘0.0

2 1.2751 < 0.0 1.2961 < -0.7

3 1.6810 < 0.0 1.6703 < -0.9

4 1.8351 < 0.0 1.8222< 0.3

S 1.6810 < 0.0 1.6730 < -0.7

6 1.2751 < 0.0 12971 <-0.3

7 1.0000 < 0.0 09940 < 0.7
The unit of the phase of current is in degrees
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¥
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SToP S.00000040¢ OH:z

Measured return loss of the designed antenna array.

to obtain a satisfactory design, one needs to include the mutual
admittance as well as the mutual current in the design
equations. The design of a seven-element standing wave linear
array is presented. The design data obtained from the synthesis

Fig. 11.

radiation pattern and input admittance also compare very well

procedure are implemented in a numerical experiment,
namely, solving the boundary value problem of the whole
array system. The input admittance and radiating currents
from this integral equation solution are found to be in good
agreement with the design goal. The measurements of the

with the design criteria.
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A FULL-WAVE ANALYSIS OF SHIELDED MICROSTRIP
LINE-TO-LINE TRANSITIONS '

T.S. Horng, H.Y. Yang, and N.G. Alexopoulos

Electrical Enginering Department, University of California, Los Angeles
Los Angeles, CA 90024

Abstract

A rigorous procedure is used to analyze sev-
eral microstrip line-to-line transitions in a shielded
multi-layer structure. The transitions studied in-
clude edge-coupled lines, overlay-coupled lines and
coupled-to-single lines. A power conservation check
based on a rigorous Poynting vector analysis is also
used to determine the accuracy of the numerical
convergence. The results of power distributions and
coupling coefficients of the line-to-line transitions
are studied parametrically to indentify the proper-
ties and applications of each transition.

Introduction

Proximity-coupled. line-to-line transitions are
important building blocks for high frequency inter-
connects. Applications in millimeter-wave integrated
circuits include high-pass filters, multiplexers and
directional couplers, Losch [1] has designed a broad-
band highpass filter in realization of an overlay cou.
pled line transition based on a quasi-static formula-
tion, A more rigorous full wave analysis for coupled
line filters associated with -the open structure has
been discussed by Katehi [2] for an edge-coupled
transition and by Yang and Alexopoulos (3] for an
overlay-coupled transition. In [3] a spectral-domain
approach by expanding the current in the coupled
line section with a combination of entire domain and
subdomain modes is used. This mode expansion
machanism seems to be the most efficient and fruit-
ful by far. For the advantage of preventing unnec-
essary interaction and radiation loss, a waveguide

housing is sometimes more common and practical
in the real circuit design. In this work, a full-wave
moment method is used to characterize shielded mi-
crostrip line-to-line transitions.

Method of Moments

Several different types of electromagnetically
coupled lines as shown in Figs. 1-3 are investigated.
The methodology applied here is in analogy to that
reported in [3], l'mwe'ver, the spectral Green's func-
tion and the numericai procedure are very much
different. Since the line-offset and the width of mi-
crostrips in shielded structures are comparable to
the waveguide dimensions, the transverse current
component should not be \neglected and complete
dyadic Green’s function of a multi-layer waveguide
is required. The integral equation after a Galerkin’'s
procedure can be converted into a set of linear equa-
tions, when expressed in matrix form'

(Zasss) (Z550] (Z22d) [ngl [Iznl 5':'5:

(1)
where each submatrix [ Z ], due to the presence of
both x and z directed currents, contains 4 subma-
trices, for example:

— [leuu] [lenul
[Z””] - [ [Zuun] [leun] ] (2)

and submatrix [ 7 ] and [ /™ ] contain two subma-
trices as follows:

[ll:]
[[zu..l lZﬁL] (Z120s) [z:;:. ::se
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Each element in these submatrices represents the
reaction of different basis functions. For instance,
the elements of {Z,;,,.;] are the reaction between
x-directed currents of subdomain mode associated
with microstrip 1 and z-directed currents of subdo-
main mode associated with microstrip 2. These sub-
domain modes are basically either PWS functions or
pulse functions. The entire domain modes are com-
posed of the reflected mnode, transmitted mode, and
incident mode which are distinguished with abbre-
viation ref, {ra, and inc, respectively. The computa-
tion of each element requires both infinite summa-
tion and integration in spectral domain and their
expressions are in the general form of:

[rie)

Alﬁluum ?.‘,.‘.,.‘.,(Om ﬂ)jﬂil(an)‘iilﬁz(aﬁ) .a,@)f,‘..,‘ﬂ)'dl’
()

and

u)uup‘q z

Guulfazam ﬂ)Juu\(aﬂ)J)luzan)fu'q@‘])lu; ‘df

(6)
where Gy, is the spectral-domain dyadic Green's
‘function. Superscript p identifies different entire do-
main modes. Ji;; is the Fourier transform of trans-
verse dependence and f%, Ji; are Fourier transform
of longitudinal dependence with respect to subdo-
main and entire domain modes, respectively.

Power Conservation Check

For shielded microstrip transitions, the con-
vergence of the moment method solution is very sen-
sitive to the type and number of expansion functions
chosen. Power conservation provides a nice way of
checking the accuracy of the solution. According to
the configurations shown in Figs. 1.8, the incident
power should be equal to the summation of reflected
power, transmitted power and some loss coupled to
the multi-layered waveguide modes, With proper
waveguide dimension, the loss coupled to the waveg-
uide modes can be removed and the expression of
power conservation can be aimply written as

o7 + 22

ITI’ = )

where Z,, and Z; are the characteristic impedance
of feed line and parasitic coupled line respectively.
A frequency-dependent method of computing the
characteristic impedance of both single and coupled
microstrip transmission lines described.in [4, 5] can
be used to determine the accuracy of the numeri-
cal results given in this work. In the present com-
putations of the transition problems, entire domain
modes of 3 guided wavelength and 9 to 18 subdo-
main modes are used in each microstrip line. The
convergence has been checked within 1% accuracy.
The power conservation is also checked with good
consistency. An example of this check is shown in
Table I.

Numerical Results and Discussions

From Figs. 5 - 11, the maximum coupling
occurs around oul = $A;, (), is the wavelength of
the odd-mode guided in the coupled line section)
with a wide frequency-insensitive range. This im-
plies that the transitions are broad-band and are

very useful in many MMIC applications. Besides,
from Figs. 5 - 8, the coupling efficiency is better in
overlay line-to-line transition than in edge coupled
line-to-line transition. This indicates the former will
be a promising element in realization of millimeter
wave high-pass filter.

Figs. 9 — 10 show the results for the case of
an overlay coupled-to-single microstrip traunsition.
It is seen that the even-mode coupling depends less
on the line-offset of parasitic coupled line, as com-
pared with single-line coupling. It is also noted that
the even-mode of coupled lines can couple energy to
a centered parasitic microstrip line while the odd-
mode can not, This may find applications in a phase
detector,

The frequency response of an overlay-coupled
microstrip transition is shown in Figs. 11 — 13. The
geometrical parameters are specially designed in the
coupled section where the line-width is much larger
than the spacing between two lines. It is seen that,
in a wide frequency range, the coupling coefficient is
almost independent of frequency. In addition, it is
possible to couple more than 95% of the total power
through the discontinuity. This geometry (so called




ovl Hzrzﬁ ITIz ovl | zo:—:lﬂz
- 0.05 1.000 0.13 0.97
-0.03 1000 0.15 0.999
<001 1.001 017 _{ 1.004
001 1.003 0.19 1.003
0.03 1.004 021 1.002
0.05 1.003 0.23 1.001

0.07 1.001 0.25 1.000
009 1.001 0.27 1.000

0.11 099 0.29 0.99%9

Table 1. Power conservation check for the configuration of
Fig. 2. Both IT1 and 171 are the same as those in

Figs. 7 and8.
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(2

suspended stripline) may be very useful due to these
two exce’lent characteristics.

Conclusions

In this work, a full-wave analysis is proposed
to develop a generalized dynamic model for several
types of shielded microstrip line-to-line transitions.
The results obtained from the method of moments
are checked within 1% accuracy by power conser-
vation. The results presented also show excellent
properties in some transitions and may find promis-
ing applications in MMIC coupler and filter design.
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The topic of this dissertation involves a dynamic modeling of frequency de-
pendent passive integrated circuit components. The first part of this disserta-
tion dcals with the characterization of microwave and millimeter wave
discontinuitics. The analytic approach is based on solving intcgral equations
with the method of moments. In the method of moments procedure, an exact
Green's function is used, which takes into account all the physical effects in-
cluding radiation, surfacec waves and high order mode effects. In order to
characterize the discontinuitics, a numerical scheme is developed to model
coupled semi-infinite lines. This involves using -both entire domain modes and

subdomain modcs as thc cxpansion functions to represent the fundamental
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propagating mode and higher order evanescent modes respectively. This type
of expansion mechanism is numerically efficient and particularly useful in
coupled line modeling.

Microstrip open-end and gap discontinuities in layered integrated circuits
arc studicd with emphasis on the material, radiation and surface wave effects.
The analysis is modified to study slotline short-end discontinuities in sand-
wichee structures. The advantage of using a slot line sandwich is also dis-
cussed. With the understanding of the simplest discontinuities in microstrip
and slotlinc circuits, the study is further extended to the line-to-line transition
which becomes increasingly important in monolithic circuits. Three types of
circuit transitions are investigated: microstrip-slotlinc transition, proximity
coupled collincar and transverse microstrip-microstrip transition. The appli-
cations of thesc transitions arc described and the validity of the developed
theory is verificd by experiments.

The sccond part of this dissertation involves the study of printed circuit
antennas which are special cases of integrated circuit discontinuities. The nu-
merical method for integrated circuit discontinuitics can be applied dircctly to
the printed circuit antenna structures. Four potential printed antenna archi-
tectures for millimeter wave monolithic phased array applications are dis-
cussed. These include a microstrip fed slot antenna, a slotline fed dipole
antenna, an EMC transverse dipole antenna and a microstrip fed slot coupled
dipole antenna. The features of each architecture are described.

Design techniques and procedures for microstrip dipole arrays transversely

fed by proximity coupled microstrip lines are also presented. Two design
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equations which include the effects of mutual coupling are developed. The
corresponding design curves are obtained by a rigorous integral equation sol-
ution. A scven clement standing wave linear array is designed to illustrate the
developed procedures. The data is checked by a complete integral equation
solution. of the array with excellent agrcement. The antenna pattern and input

impedance are also compared with the measurement with good agreement.
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Chapter I

Introduction

1.1. Integrated Circuit Modeling

Integrated circuit structures have been used for numerous electronics ap-
plications due to the features of low cost, light weight, easy fabrication and
reproducibility [1],[2]. The basic structure is composed of a grounded
substrate with various circuit components integrated on the air-dielectric
interface. In solid state clectronics, bipolar or field cffect transistors usually
requirc scmiconductor layers on top of the substrate [3] . This type of ge-
ometry is usually referred to as a layered structure. For frequencies below |
GHz, passive components, which include signal transmission path (wire),
inductance, capacitance etc, have been well understood using lumped circuit
concepts. However,.in the current state of the art, various applications require
the operating frequency of the device to go beyond the microwave wave or
millimeter wave range [4] — [7]. Microwave and millimeter wave integrated
circuits, in the current trend, have become increasingly important for both
commercial and military applications. When the operating frequency is high
cnough such that the device dimension is comparable to a wavelength, the
circuit componcents arc clectromagnctically coupled (EMC) together and the
design concept needs to be completely reformulated.  In the past decade, nu-
mcrous works have contributed to the investigation of the clectromagnetic

phenomena of microwave integrated circuits (MICs) and microwave
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monolithic integrated circuits (MMICs).  However, most of the published.

works arc confined to the characteristics of wave guiding structurcs. For this
reason, many discontinuit_‘V problems are not well understood and remain to
be solved [7]—[14]. From the design point of vicw, with the increasing
complexity of integrated circuits, accurate computer aided design (CAD) tools
are needed to determine preciscly the circuit performance. Thercfore, currently
and in the near future, developing accurate and efficient CAD algorithms
should be a primary concern for the microwave society [15]). The early re-
scarches on discontinuities problems were mainly based on the electrostatic
approximation duc to its simplicity [16] — [18] . This approximation (or so
called yuasi-static approach) is known to be valid in the frequency transition
from low frequencics to the microwave range.

A full wave spectral domain approach (SDA) for analyzing MIC disconti-
nuitics was proposed in the carly 1980s by Jansen [19] . Since this SDA was
originally proposed for waveguide applications, the integrated circuits arc as-
sumed surrounded by an cnclosed housing. Therefore, this approach has the
limitation that radiation and surfacc wave effects arc not included
[20] - [23]. Besides, in order to simulate the open structure, waveguide di-
mensions would usually be large which cause numecrical convergence problems.
Therefore, it is reasonable to conclude that the SDA is good only for
waveguide discontinuity problems or for open structurces with frequencics be-
low C band, where the radiation and surfacc wave cffects arc less important.

An intcgral cquation approach (1EA) was first proposed in 1985 by Katchi

and Alexopoulos to characterize MIC and MMIC discontinuities [24] . This
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approach is complete and rigorous in the sense that it simulates the physical
structure .and includes all the physical effects, although the applications of this
method are still at the beginning stage [25] — [27] .

The first part of this dissertation will be concerned with a rigorous exam-
ination of the method of moments solution of integral equations, in terms of
its accuracy, cfficicncy and applicability, to the characterization of MIC and
MMIC discontinuitics. Special numerical treatises will be developed to char-
acterize a class of semi-infinite line transitions frequently encountered in inte-
grated cireuits.  The derivation of Green’s function will be provided in Chap.
1. Microstrip open end and gap discontinuitics in layered integrated circuits
will be discussed in Chap 111, Numerical techniques adopted in this disserta-
tion will also be discussed in detail in Chap. 1. It will be shown in Chap. I11
that the developed numerical algorithm is general cnough to apply to many
related structurcs. The analysis developed in Chap. Il is extended in Chap.
IV to study slotline short-end discontinuities in sandwiched structures. With
cnough understanding of the simplest discontinuitics in microstrip and slotlince
circuits, the analysis can be further extended to the investigation of the im-
portant subject of line-to-linc transitions in intcgrated circuit structures, In
Chap. V a dynamic modecl for the microstrip-slotlinc transition is developed.
Two types of novel transitions are analyzed in Chap. VI, namely the EMC
collincar microstrip-microstrip transition and the EMC transverse microstrip-
microstrip transition. The potential applications of these transitions are also

described. The analysis is also confirmed by experiments.
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1.2. Printed Antenna Modeling

Intcgrated or printed circuit antennas (PCA) arc a natural evolution of in-
tegrated circuit components [28], [29]. The radiating clements may consist
of dipolcs, slots or patches. Since the invention of microstrip antennas back
to the early 30s [30]. extensive rescarches have been carried out worldwide.
Mathematical modeling was initially proposed in the carly 1970s with a trans-
mission line analogy [31], [32]. Later on, a cavity method and a quasi-static
approach were also applied to certain structures with some success
[33]-[37] . However, for frequencics above the microwave range, the
above mentioned methods will not be accurate due to their thin substrate ap-
proximation. Besides, these methods arc not applicable for printed dipoles and
slots, and do not include surface wave effects. A rigorous and almos.t exact
dynamic analysis of PCA was first performed at UCLA in 1979 [38]. This
approach is based on solving the Pocklington type integral cquation with the
mcthod of moments.  Since then, an cxtensive amount of work has been car-
ried out toward the efficient and accurate evaluation of this Sommerfeld-type
integral [39] — [44] . At the same time, fundamental propertics of PCAs
such as gain, cfficiency, bandwidth and antenna patterns have also been in-
vestigated in terms of various device paraméters [45] — [55]. Fundamental
radiation characteristics of a printed slot will be discussed in Chap. VII. The
propertics of a printed dipole and a printed slot arc also compared in terms of
the radiation cfficiency, surface wave cffects and radiation resistance.

Onc of the crucial parts in the design of printed circuit antennas is the de-

sign of feeding structures. Microstrip lines electromagnetically coupled (EMC)




to the radiating clements has proven to be the most versatile and convenient

type of feed for antenna arrays [56]. Rigorous analysis of EMC collincar

dipoles has been thoroughly investigated in Katehi’s and Jackson’s disserta-
tions [57], [58]. In the sccond part of this dissertation, several new feeding
structures will be investigated by a method of moments solution of coupled
integral equations. The current trend in printed circuit antenna technology is
to develop an architecture which is completely monolithic. In Chap. VIII,
four potential architectures for millimeter monolithic phased array applications
are discussed. The features of each architecture are decribed. These four
feeding structurcs arc a microstrip fed slot antenna, a slotline fed dipole an-
tenna, an EMC transverse dipole antenna and a microstrip fed slot‘couplcd
dipole antenna.

The ultimate goal in the analysis of printed circuit antennas is to provide a
design technique of microstrip arrays. Looking back to the past, the only rig-
orous and complete design of microstrip arrays was published by Elliott and
Stern in 1981 [59],[60] . In Chap. IX of this dissertation, a new type of
microstrip array will be investigated. The geometry is composed of dipoles
parallel to cach other fed by an EMC transverse microstripline embedded in
the substrate. The design of an antenna array requires the knowledge of cach
antenna clement’s size and position with respect to other clements and the feed
such that the desired excitation in cach antenna and thercfore the desired an-
tenna pattern can be achieved. Two design equations which are closcly related
to those developed by R.S. Elliott in waveguide slot array design [61] will be

discussed.  The corresponding design curves will be obtained numerically
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through a rigorous integral equation solution. In order to show how the design
technique works, a seven clement standing wave lincar array will be designed
to have the performance of 20 dB Dolph-Chebychev broadside sum pattern in
the H- planc. The importance of the cffects of mutual coupling will also be

addressed.
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Chapter 11

Analysis of Hertzian Dipoles in a Layered Planar Geometry

In this chapter, the electromagnetic fields due to an electric Hertzian
(infinitesimally small) or a magnetic Hertzian dipole are derived. These ficlds,
or so called Green’s function must be known before the method of moments
can be applied. This Green’s function for a layered planar gecometry is well
known as a Sommerfeld-type solution [62]. In section 2.1, the Green’s func-
tion for an clectric dipole is discussed. In section 2.2, the Green'’s function for

a magnetic dipole will be developed.

2.1. Green’s Function for an Electric Hertzian Dipole.

For the substrate-superstrate gcometry under consideration, the formu-
lation of the Green's function for a dipole embedded in the superstrate (Fig.
2-1) or in the substrate (Fig. 2-2) is different and will be discussed scparately.

The case for a dipole in the superstrate will be considered first.

(a). An Electric Hertzian Dipole in the Superstrate

The geometry shown in Fig. 2-1 contains a substrate with permittivity ¢, ,
permeability g, and thickness b, and a superstrate with permittivity ¢, and
permeability u,. The total thickness of the material is h. The dipole is located

atz = z, with b < z, < h and oricnted in the ¥ direction.
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Figure 2-2. An electric Hertzian dipole in the substrate.

Figure 2-1. An electric Hertzian dipole in the superstrate.
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The clectromagnctic fields in cach region can be characterized in terms of the

Hertz potential in the following forms:

ED = 270 4 v v (2.1)
and
H(l) = j(i)ﬁi 80( V x 7[.(1) ) - (2.2)

with i representing the region (i). From Sommerfeld’s work [62], it is known

that thc Hertz potential may contain only X and z components. In other words,
7 = rr_(xf)':\" + n(z’)’;}. (2.3)

The nice feature of using the Hertz potential is that its components satisfy the
scalar wave equations, where the solution can be obtained in a straight for-
ward manner. Through the usc of the Hertz potential, Maxwell’s equations

can be reformulated in the form of

vIED p T = L5 = 2o — 1 — 2) % 2.4)
= JWeEH

The lateral clectromagnetic ficlds in region i are related to the Hertz potential

through
(i) (i)
; ; on on
ED _ k20, 9 O Y ’s
. it éx " éx 0z ) (2-5)
(8 ()
, 5 on any
) = =X+ =5, (2.6)
év Ox éz
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E'zr(.i)
HO = joeg, - 2.7)
() . “'n'g) 5'7t£.l)
H, = _/(.‘)8[8(]( S - ix ). (2.8)

With the boundary conditions that E,. E,, H, and H, are continuous across
cach interface, and with the radiation condition at z — oo, one is able to obtain
an expression for the Hertz potential in the Fourier domain from eight
cquations with cight unknowns. The resulting Hertz potential in each region
can be summarized as:

Inregion0: # < =

0 1 © U gz h) i = xg) == 3) 13
nf\_) j J D'(/ oK l)c jii X xs)c -jiyy ‘}‘)dAxdly 2.9)

and

0) 1 J- »  jhyd) o~ =i =X RO = 3 ) (2.10)
Y —co e(’)Dm(’ Y

Inregionl: 0 £ z2< b

sinh g z e AET ) IS 2.11)

(|)____|_°° "”f](})
a YJ.

-0 O’.)

() _'_J‘m me h gz e VX=X A0 =I i ax (2,12
== y) | Dby e ‘ xfhy (12

Inregion2: B<:=:< H
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0 oo A iz (x iz (p—1p )
(2) _ )Lf J' S it = x) =it ) di dh, (2.13)

o 50 J-oo j}..}flz(/i) oI = %) e—j/'.y(v—ys)d,;xd,zy, (2.14)
—c0 Y—00 Dc(/')DﬂI(}“)

The functions f{2) and h{4) arc shown in Appendix A. Other parameters are

defined as follows:

91
D) = —————) €05 - b
{2) = qfq + P tanhq]b) cosh gx(h )

(2.15)
0 N (
hagsh — ¢
+a K2 H1q> tanh qlb) sinh q(h = 0)
and
,
(]2"5 )
D, (%) = T-(an + qu) tanh q}b) cosh gh — b)
(2.16)

4
11N~ qq tanh g,b
+ ((/??nl2 + K214 dl

) sinh q5(h — b)

2
1

where

i+ 4, (2.17)
g =A% -k, (2.18)

~
i

(’l ’ (2.]9)

V22— ki
0 = A2 = k3, (2.20)

11
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-

ky = @ HgE - (2.21)

kl = kU\/lllgl . (2'22)
ky = Ko Ha2> . (2.23)
Ill = .\/1181 ’ (2'24)
= s (2.25)
and

5
» = dnTjweas. (2.26)

(b). An Electric Hertzian Dipole in the Substrate.

When the dipole is embedded in the substrate, as shown in Fig. 2-2, the
clectromagnetic ficlds will be different from the case when the dipole is in the
superstrate, although the analytic procedure is very much the same. The
dipole in this casc is located at z = z, with 0 < z, < b and oricnted in the X
dircction.  The clectromagnetic ficlds in cach region can be characterized in

terms of the Hertz potential given in Eqs. 2.1 and 2.2 which satisfy the

cquation
viED 127D = L s(x - x )0 — p Wz — 2) % 2.27)

— Jwe g

The lateral clectromagnetic ficlds in region i arc related to the Hertz potential

through Eys. 2.10-2.13. With the same boundary conditions as the case for




a dipole in the superstrate, the Hertz potential in each region can be summa-
rized as:’

Inregion0: 1 < =

7:&2,) _ J*oo oofo()) —q(z h) —//x(x j/'.)-(V")r;)d).xd,:y (2.28)

and

(0) J“ oo JAJ (1) IO gz =) i~ xg) , J/}(} ) d) .(2.29)
oo DAMD,,f2)

Inregion1: 0 < z< b

(D) L[ o [1A) i = %) iy = 1)
= J j BE A=) IO =I) (2.30)

and

NI Im ro PR =) =5 g a1 (03
DDy S e e yclhy (2:31)

Inregion2: b <z < h

D = _LJ“ J‘“ S"A%) o EAx = X) =0 =5 1 2.32
\\ _yl D ()») X Ay (‘" ~)
and

Tt('?, _ 1 oo oo jA N A4) e‘fix(-“xf)e‘j;'y(’"y’)d/lxd) (2.33)

TV DAAID,A) 7
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}" = 47[2.]'(98]80. (234)

The functions f*{2) and /' {Z) are shown in Appendix B. Other parameters are

found in Eqgs. 2.15-2.26.

2.2. Green’s Function for a Magnetic Hertzian Dipole.

Slots in planar layered structures arc also considered in this dissertation.
The problem is formulated for the case where slots in a ground plane are
sandwiched by two layers on both sides of the ground plane. From the
Stratton-Chu solution of Maxwell’s cquations [61], one is able to sec that the
tangential clectric ficlds in the boundary can be viewed as sources which gen-
crate clectromagnetic ficlds inside the region of interest. These fictitious
sources, usually called magnetic currents, when placed in Maxwell’s equations
arc dual to clectric currents.  Maxwell’s curl cquations, with only magnetic

current sources arce

VXxE = -J, — jouH (2.35)
and
Vx H = joweE. (2.36)

These two equations arc constructed for the recason of mathematical conven-
icnce. The procedure of interchanging sources and boundary conditions is, in
fact, well known in the realm of partial differential equations [64]. For the
geometry under consideration, one can arguc that the electromagnetic ficlds

above the ground planc are due to magnetic currents (physically they are

14




electric ficlds) at a slot position infinitesimally close to the ground plane. The
samc arguments arc valid for the space below the ground plane. In this situ-
ation, the ground plane is in effect closed without any apertures. Therefore,
in the formulation of clectromagnetic ficlds in a half space (cither above or
below the ground plane). the electromagnetic fields on the othier side are irrel-
evant. The nice feature of this is that in the Green’s function formulation, one
can consider the geometry above or below the ground plane sequentially.
However. if the magnetic currents in the slots arc to be determined instead of
being known beforchand. the ficlds in the whole space will be related through
an additional boundary condition across the slots. This additional boundary
condition will lead to an integral equation which can be solved by the method
of moments.

The Green’s function for a magnetic Hertzian dipole is obtained by solving
Maxwell’s equations with magnetic currents replaced by a delta source ori-
ented in the X direction. Since the source is known, only the half space as
shown in Fig. 2-3 nceds to be considered. Due to gcometric symmctry, the
formulation for the other half space is the same. The electromagnetic ficlds in
cach region can be characterized in terms of the Hertz potential in the follow-

ing forms:

HO = 70 4 v vl 2.37)
and
E(l) = —j(.')lli [l()( V x ;t.(';l) ) (2.38)

s aas
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Figure 2-3. A magnetic Hertzian dipole in a

substrate-superstrate configuration.
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where i represents the region (i) and

20 = 0 A L A (2.39)

m mx- mz <
Through the use of the Hertz potential, Maxwell’s equations can be reformu-

lated in the form of

vERD ¢ ) o L = x50 ~ p)0(2) 3 (2.40)
— Jou

The lateral clectromagnetic ficlds in region i are related to the Hertz potential

through

s e g

(i L2 () C my s
HY = k). + A" =25, (2.41)
¥ dy ox iz " T
(i)
(i : CTlmz
EX' = — jouug (?;l (2.43)
and
~ (i) (¥
: an on
E(.') = — joua mx mz ) 5 44

Eq. 2.40 ¢can be solved subject to the boundary conditions at cach interface and
z— oo . The resulting Hertz potentials in cach region arc:

Inregion0: h < 2
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%o f 4 s ) —
W = o j fm(i/; A=) =) TR g (2.49)
I)
and
© _ I o oo JjAdtnd) o~ He=h) g=dx= XD 0- 1) 3 a1 (246
TUnz Tmd_, ooD'(/)Dn(/) e e xdA,. (2.46)
Inregion :0 < z< b
1 oo [ f 1(/) i A X)) (v
Al = A= AR N0 ), (2.47)

lm —eo Y—oo n(/)

and
O N b f o k@) sinhqiz s o) - dhedh. (248
Tinz Fmd_ ). DAOD) e e x dAy (2.48)

Inregion2:b < =< h

fo0 oo A
o = 5] fm:,((,; RO aa,, (2.49)

- V=00 I
(2) 1 [ = -/.)'.\j’m.?(":) —jrlx = %) _—ji Sy — ps)
My = —— —_— s/ e %y sS'dA dA.,. (2.50
me Ym —eo D2)D,{?) Y )
where

"-

Ym = dnTjoup. (2.51)

The functions £,,(4) and h,(2) can be found in Appendix C. Other parameters
are defined in Egs. 2.15-2.26.
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Chapter 111
MIC Discontinuities I -
Microstrip Open-end and Gap Discontinuities

in a Two-layer Configuration

3.1. Introduction

Microstrip open-end and gap discontinuities are useful in the design of
matching stubs and coupled filters. In recent years, layered integrated struc-
tures have found various applications in MIC and printed circuit antennas,
especially for monolithic applications. Therefore, dcsigr; data for open-cnd
and gap discontinuitics in layered structures would be useful. In this cl:apter,
microstrip open-end and gap discontinuitics in a substrate-superstrate config-
uration (Fig. 3-1 and 3-2) will be considered. The characterization of these
discontinuitics for a single layer has been performed quite extensively in the
past. Quasi-static analysis based on solving Poisson’s equation has been ap-
plied for low frequency applications [16] —[18],[65] . For higher fre-
quencics, models based on rigorous dynamic analysis are required. A
spectral-domain approach [19], [22] has been used to characterize the dis-
continuity problems with an enclosed waveguide housing. A dynamic method
based on solving integral cquations by the mecthod of moments has recently
been applied to the modeling of microstrip open-end and gap discontinuities
for a single layer case [24].[25]. This analysis takes into account all the
physical effects including radiation, surface waves and dominant as well as

higher order mode coupling. In [24], a finitc but iong microstrip linc with a
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Figure 3-1. An open-end microstrip line in a {wo-layer
structure.

Figure 3-2. Microstrip gap in a two-layer

structure.
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& gap source is used, which typically requires many basis functions and is nu-
merically incfficient. In [25], a morc cfficient mcthod, using a combination
of the entirc domain modes and subdomain modes, is used. However, from the
discussion presented in [25], it scems that the method does not provide reli-
able results for the capacitance calculation. In this chapter, a revised analysis
of [25] together with a detailed discussion of the convergence of the solutions
is presented. Since, for the rest of this dissertation, the methodology adopted
here will be repeated. the analysis will be discussed in extensive detail in this
chapter.

A crucial step (and difficult) is choosing the proper basis functions to pro-
vide cfficient and accurate numerical computdtion. In the present problem,
modcling of semi-infinite lines is required. A combination of semi-infinite
traveling wave modes and local subdomain modecs is fruitful and can be mod-
ificd casily to adapt to diftferent geometrics. The traveling wave mode corre-
sponds to the fundamental guided wave mode of the microstrip line. The local
subdomain modes are used in the vicinity of the discontinuity region to take
into account the higher order mode cffects. For the transverse dependence of
the expansion functions, it is possible that with sufficiently high frequencics,
the simple Maxwellian or pulse function uscd in [24], [25] may not be a good
approximation when the dominant mode is not TEM-like. Therefore in this
analysis, the transverse dependence of the longitudinal current is obtained by
a two dimensional infinitc linc analysis where threc modified cosine-
Maxwellian functions arc used. The characterization of an open-end disconti-

nuity is through the open-end capacitance which is mainly due to the fringing
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electric fields [17]. When radiation and surface wave losses are considered,
a conductance should also be included in the equivalent circuit model. The
gap discontinuity can be modeled as a m network with two capacitances (see
Figs. 3-3 and 3-4). The loss mechanism can also be included by adding two
conductances in Fig. 3-3. The material effects of layered structures on the ra-
diation and surface wave loss, and the fringing fields at the discontinuitics will

also be discussed.

3.2. The Method of Moments and Matrix Formulation

The transverse current has been found in the past to be a few orders of
magnitude smaller than the longitudinal current for a strip width < 0.14, and
is neglected for simplicity [8]. Under such circumstances, the integral
cquation for the open end casc can be simplified in terms of the longitudinal
electric ficld on the microstrip:

0 w/2
Efx.y,z2) = _[ J. G Xy ¥y 2Xe Vo 29) JdXs y) dyd x, (3.1

—~o0 Y—w/2

where £, is the clectric ficld due to the current at z = z,.  The Green’s func-
tion G, is the valuc of E, on the (x, y) of microstrip due to an % directed delta
source at (x,.y,). This Green’s function has been described in Chap. 1l In
the mcthod of moment procedure, the unknown current distribution is ex-
panded in terms of a set of known functions. An cfficicnt way is to use a
semi-infinite traveling wave mode to represent the fundamental guide wave

modc of the microstrip line and to use subdomain modes

o
[ L8]
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Figure 3-3. Equivalent circuit of a microstrip gap.
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Figure 3-4. Top view of a microstrip gap discontinuity.
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(piccewise sinusoidal modes) to describe the current behavior in the vicinity of

the discontinuitics. Since the microstrip open end is a special casc of the gap

discontinuity, the formulation in the following will be for the gap case. The

open-end case will be discussed later. The current in the microstrip gap shown

in Fig. 3-4 can be expanded as
Jx. x) = Ax)J0)

with

N
My = e el o N f) forx<0,

n=1
_ N
Ax) = T o~ Rnl=9) 4 Z 15 8,{x) forx=s,
n=]

and

)
ay + a cos(:‘—:,r-y) + a, cos(JTg—_v)
J ((_V) = —_— ’

/ 2
o\ L= (2pw)

(3.3)

(3.4)

(3.5)

where T is the retlection coefficient from the discontinuity and T is the wave

amplitude of the transmitted wave. The layout of the expansion modes is

shown in Fig. 3-5. The paramecters k,,, a,, a, and a, arc obtained through an

infinite linc analysis, which involves solving a characteristic equation in a ma-

trix form [66] . The piccewise sinusoidal modes (PWS) arc defined as

sin kel(dl - Ix + Ildl I)
Sin Ky,

ffx) =

for |x+nd| < dy,

(3.6)
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and

sin k(,'l(dl - l.\' - Ildl - SI)

g,{x) = for |x = nd| - s| < d; (3.7)

sin keldl

where d, is half length of the PWS mode. The choice of k., can be quite ar-
bitrary.

When the expansion functions are uscd in Eq. 3.1, followed by Galerkin’s
procedure [63], integral cquations are converted into a st of lincar cquations.

These 2N + 2 cquations when expressed in matrix form are

[Zsc[f] [Zl.w:lf ] [Zcmct] [Zlcacl] [{‘l ] L/ inc, ]

= (3.8)
[Zecaa] [ZICdCl] [Zsclf ] [Zt.rclf ] [17?:] Ls incz:]

The matrix clements in cach submatrix can be expressed in the following
form after some tedious algebraic manipulations:

[Z,) is an (N + 1) x ¥ matrix with matrix elements

o foo

zm = f j Gl Ay) Fi0,) 430) coslam — mdy] ddgddy,  (3.9)
—00 T o0

[Z,e is an (N + 1) x 1 column vector with clements

Zl.?clf = J J. Gonldyes A_v) F lz('{y) P l(lx) Af2y)e S di, dh,, (3.10)
—o0T o0

[Z...c.)is an (N + 1) x N matrix with matrix clements




nm Rt e
Zecact = J \\(}‘:u" )Fl(/y) 41(’ x)

-0

cos[ A, (nd| + mdy — )] di,, diy

[Z,..]is an (N + 1) x 1 column vector with elements

n oo oo =y A 2 B -
Zlcurl = J f Gxx()'x’ Ay) F I('ly) P l(Ax)Al(/'x)
—0Q =00

cos[A (nd) — 5)] dA, i, ,

[Ii,,‘.'] is an (N + 1) x I column vector with clements

o 0
mq J f \:\(/\: y)Ff(} )01()Y)Al(/\)ejnd'/"d} d/

[/, is an (N + 1) x 1 column vector with elements

o0 (o o] ‘ "
”1('2 f J‘ '_\'? )‘y) Fi-()'y) Ql()'x) A l()‘x)

bl oo Ml o)

(.os[).x(ndl —s)]dx, dy,
where

(coskydy — cosi.d))
(A3 = k)

11%
Fi(A,) = Z i [/(,( Ay tkn) + Ity = kn)],
k=0

(.11)

(3.12)

(3.12)

(3.13)

(3.14)

(3.15)




bl ]

v

'_j;'_\’-r "()

Py4,) = [e %, + 1 sin k,,,,.\'ej’:*“tci.\', (3.16)
oo A
—j’.'xn 0 .e
o) = Le 2%, = /] | sin kX €77 dx (3.17)
and
v REPTRENRYT /3% S km J :
sin(k,,X)e 7 Fdx = ) + —2—[6(/"._,C—km) — oA+ k). (3.18)
0 Ax T R

The function G, is the Fouricr transform of the Green’s function. From Egs.
3.9-3.13. onc can sce that this Green’s function will play an important role in

the numecrical computations.

3.3. Numerical Techniques

Eys. 3.9-3.13 indicate two types of integrations. One is related to the PWS
and PWS modes reaction while the other is related to the traveling wave and
the PWS modes reaction. The case of the PWS and PWS modes interaction
will be considered first.  Eq. 3.9. after being transformed into polar coordi-

nates., can be written as

12 poo__
Zuh =4 Gl 2, Fi(A) AT(A,) cosLAm — n)ty] A didg (3.19)

where
. 2 22 2
—JjZy kY = A Ax
GydAg 2y) = [—————f}) + ————g ()], (3.20)
et = a3, pin 4 Dot
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A, = A cos, (3.21)
A, = A sing. (3.22)

The functions f, and g, can be obtained from the Green’s function discussed in
Chapter Il.

Eq. 3.19 involves a double integration. For the finite integral, a 32 points
Gauss quadraturc formula is used [57]. For the infinite integral, special nu-
merical methods arc required. One can break the infinite integration range
into two parts (0, A) and (A, oo) such that in the first section the integrand
contains singularitics or derivative singularitics, while for the second section
the integrand is well behaved but slowly convergent. The choice of A is quite
flexible, but it should satisfy A > max (k,, k,). The first intcgral contains sur-
face wave poles whenever Df4) or D, () become zero. If a pole extraction
technique is appliecd [39] in addition to the residue and Cauchy Principal
value, four sections of integrations are required due to the derivative
singularitics at 4 = kg, k, and k,. Another way to perform the integration
from 0 to A is to deform the contour off the real axis and apply the Cauchy
Ricmann theorem such that the integrand is well behaved [67]. This method
is particularly uscful in a multi-layered structure, since it is not required to
know the pole position and the integration has no singularitics. Both of the
above mentioned methods have been used and a negligible difference has been
observed.

The sccond integration from A to oo is the so-called tail integration. For

an asymptotic approximation, it is convenicnt to choose A such that
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tanh2b= 1 and tanh At = 1 , for 4 > A. If one studies the asymptotic behav-

ior of the Green's function G,(4,. ;) (omitting the term outside the bracket
of Eq. 3.20), onc can find that as 4 — oo, G, converges slowly when the test- ’ ;
ing and observation points are on the same planc (same z) and decays expo-
nentially otherwise. This is because the Green'’s function contains a singularity
in the spacc domain duc to the dclta source and converges slowly in the |

Fouricr domain. The dominant and first order asymptotic behavior of G, can

be summarized by the following:

Casc(a): z=c,=h=(b+1)

o] i
(Kofr=43%) ¢y — €A
e ryp) = -:qf " jf\ A L 131 )
- c Ic -

l + ¢
wherc ¢, = -(——2———) and g, = JA2— k.

Casc (b b<z=1z,<h

9 9
(K= 273)
G.\'.\'U _—(L—\"

oy Ay) + Ofc e"'(z"i’))
R 280/'(](., 2

where gy = & and g, = 22—k,

Casc(c): z=2,=0

2 42
(kejf— /'x) + €3 — C_‘)»x )

Gy 7)) ————
xx( X' 7y 280 jq(.’ pl 3
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(3.23)

(3.24)

(3.25)
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et

3w

(e + &) TR
————and q, = (A — k.

-

where g, =

Casc(d): b<z=2z,<h

2 .2
(I‘ef_' Ax

+ Oc. e’.'(b-z)) (3.26)
28ef/qe Aey

GxlA )'_v) =

where g, = ¢ and g, = \m .

It can be seen that the dominant term of the Green’s function is in the same
form for all four cascs, which, when transformed back to real space is E, due
to a delta current in the & direction in a homogencous space with an effective
diclectric constant e, The dominant term of the integral will be computed
separately.  This formulation will be discussed in Appendix D. It is seen that
the first order term left in Eqgs. 3.23-3.26 will enable the integrand in Eq. 3.19
to converge cither exponentially or in the order 1/4% and can be intcgrated nu-
merically in a straightforward way. It has been shown in Appendix D that if
k. in the PWS modes is chosen to be the same as k., the computations are
greatly simplificd.  Thercfore, throughout this dissertation, PWS cxpansion
modes arc chosen in this way.

The other type of integration is related to the PWS modes and traveling
wave mode reaction. When Eq. 3.18 is inscrted in Eq. 3.10, with suitable re-

arrangements, onc has

o 2k —j.x% . g
Zgoy = f > '"Az eI + j)e™ix 4(4,) S(A) di, (3.27)
v~ Km

-0 /4
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where

v, m — - " ‘, k)

S(lx) = f [ERN /.}.) F f(l}.) d/.},. (3.28)
—_l0

At a first look, it scems that Eq. 3.27 contains poles at 4, = #+ k,, which may
causc trouble in the numerical intcgration. However, as mentioned before,
k,, is obtaincd by an infinite linc analysis where the characteristic equation is
St~,) = 0. Therefore, onc would have S(k,,) =0 and the singularitics in Eq.
3.27 turn out to be removable. The integration in Eq. 3.27 after being trans-

formed into polar coordinates may be expressed as

,';;,1/~ = Zg(nd, - —75,-—) + jZ(','(ndl) (3.29)
=m
where
Zolnch) FIZJUD?W ) Fi(2,) Ay(A,) Hom _ cos 2 nd
ndy) = 1 A - ———— oS A
! o dy RS TRATAR 22—k X1 (3.30)
Adidp

It is obvious from Egs. 3.19 and 3.30 that the integral in Eq. 3.30 can be
computed numerically in the same manner as the one occurring in Eq. 3.19
cxcept for the tail integration. This difference is due to the fact that the trav-
cling wave mode is semi-infinitely long so the technique used for Eq. 3.19 can
not be applicd.  In other words, if the integration is transformed back to real
space, the integration over the half-infinite microstrip line will cause other nu-
merical convergence problems. However, due to the usc of entire domain base

functions, the integration in Eq. 3.30 usually converges better than the one in
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Eq. 3.19 because the integrand contains the Fourier transform of the entire
domain mode which decreases quickly away from the point where 4, is equal
to the phase constant k,. Further details in the asymptotic analysis of Eq.
3.27 by using branch-cut integration is shown in Appendix E.

Although the above discussion is for the microstrip gap case, the open-end
casc is also included. From the submatrices [Z,,.[ Z,] and [/, ] in Eq.

3.8, the information of an open-end microstrip line can be obtained.

3.4, Results

Usually MIC discontinuitics are characterized by their equivalent circuits.
Therefore. in order that the characterizion be meaningful, all the disturbances
of the current should die out quickly as one moves away from the discontinu-
ity. In microstrip structurcs, any discontinuity will gencrate radiating and
surface waves. These waves will also propagate along with the microstrip line 3
fundamental mode. Thercfore, when radiating or surfacc waves arc strong
cnough such that their interactions with the microstrip guided mode become 3
noticeable. the computed equivalent circuits will not be accurate. This implics
that, for this case, if one trics to measurc the ecquivalent circuits, the results
will be different at different reference plancs.

The equivalent circuit of a microstrip open end is computed from the re-
flection cocfficient which is obtained directly from the matrix inversion of Eq.
3-8. The convergence of the results depends on the size of the cxpansion !

functions and the region where subdomain modes arc used (see Fig. 3-5). An

example of a convergence check for the open-end conductance and capacitance
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for the number of modes used in a fixed subdomain mode region is shown in
Figs. 3-6 and 3-7. The subdomain region is chosen as 10 times the substrate
thickness. It is found that with only two modes a convergent result for the
conductance calculation has already occurred. However, the convergence of
the capacitance valuc is very slow with respect to the number of expansion
modcs.  The region where the subdomain modes are used is less important.
An cxample of this convergence check is shown in Fig. 3-8 where the basis
function size is fixed. It is found that the results are almost unchanged in a
wide range. Physically, this means that the higher order modes generated by
the discontinuity have alrcady died out in the testing region. The above con-
vergence tests are for the case that the radiating and surface-waves are weakly
excited. It is found that the results do not converge at all when the surface
waves and radiation loss are strong, due to their interaction with the microstrip
fundamcental mode. For a circuit to be uscful, radiation and surface wave loss
should be as small as possible.  With a careful convergence study, it is found
that, within the uscful frequency range, typically, 19 piccewise sinusoidal
modes of size 0.06 guided wavelength (0.6 guided wavelength in total) can
provide results within a few percent accuracy.  The validity of the current
analysis is further checked with the quasi-static method at low frequencies.
Fig. 3-9 shows the comparison between this analysis and the quasi-static
mcthod for a single layer case.  The substrate thickness is 1% of a frec space
wavelength which is thin cnough to insurc the accuracy of the quasi-static

method. The comparison yields very good agreement.
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Energy loss due to radiation and surface waves at a microstrip open end is
shown in Fig. 3-10 with and without a cover layer. The microstrip line in this
case is embedded between the substrate and the superstrate. It is found that
with the presence of the cover layer, the loss increases with the increase of the
superstrate dielectric constant due to stronger radiation and surface waves.
The length extension (or capacitance) at the open end due to the fringing field
for the same geometry as that in Fig. 3-10 is shown in Fig. 3-11. It is found,
by adding a cover layer, the excess length to substrate thickness ratio (or end
capacitance) is larger due to a st\rongcr fringing field. In general, the excess
length increases with the increase of effective dielectric constant and is inscn-
sitive to frequency except when the surface waves arc strong. The excess
length values for microstrip in a compositc substrate are shown in Fig. 3-12.
Two dificrent material arrangements were investigated which include the case
of a large permittivity on the top with a lower onc on the bottom and the case
of the other way around. It is found that the excess length value for the first
casc is significantly larger than the sccond onc. This implics that, when the
microstrip line is on the larger diclectric constant material, the fringing electric
ficld is stronger.

For the gap case, after a matrix inversion in Eq. 3-8 is performed, the re-
flection cocfficients I and transmission cocfficient T arc S, and §,, respec-
tively. Therefore, the admittance matrix of the gap discontinuitics can be

obtained by the following transformation

[v] =] - [shHed + sy (3.31)
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where [[L'] is the unitary matrix. By comparing the two-port = network and

Fig. 3-3. onc has

G, + joC

_LG__P T T (3.32)
0

and

G, + joC

S St S N (3.33)
Gy

The results for the gap discontinuity are first compared with thosc obtained
by the quasi-static method [18] and those obtained by mecasurcments [68]
and arc shown in Fig. 3-13. Since the gap capacitance is small and is sensitive
to the device tolerances, the measurement is inherently difticult to perform
accurately. In this analysis, the frequency is chosen to be 5 GHz. It is found
that this dynamic model agrees well with the quasi-static approach. Some
discrepancics for large gap spacing may be duc to the fact that, in such cases,
the amount of energy coupled through the gap is comparable to the energy
losses duc to surface waves and radiation, and this aspect is not includced in the
quasi-static approach. The gap conductances G, and G, arc shown in Fig.
3-14 for the same matcrial arrangements as those shown in Fig. 3-10. It is
found that the cover layer (superstrate) will increase conductance due to
stronger fringing ficld and more energy losses. Also since G, + jwC, repres-
ents the input admittance when a perfect magnetic wall is in the middle of the
gap, it is expecred that, due to image cancellation, G, will be rauch larger than

G, . Asshown in Fig. 3-14, G, is about two orders larger than G,. For a
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narrower gap. C, will be larger than C, duc to stronger end coupling. Hovw-
cver for wide gap spacing. the input admittance scen from cither side of the
gap is mainly the open-end admittance, so C, will be larger than C,. The re-
sults for the microstrip gap on top of the superstrate are shown in Fig. 3-15.
It is found that C,fw is more frequency dependent than C,/w, when the

dispersion is strong.
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Chapter 1V
MIC Discontinuities I1-

Slot Line Short-end Discontinuities

4.1 Introduction

Slot linc was first proposed by Cohn in 1968 [69] as a waveguiding struc-
ture for MIC applications. The basic structure consists of a narrow slot in a
conductive coating on onc side of a substrate, the other side of the substrate
being interfaced with air.  The geometry of a slot line is shown in Fig. 4-1.
In order that clectromagnetic waves be confined in the vicinity of the slot, the
permittivity of the substrate is usually high (> 10). This slot line structurc has
been used in filters, couplers and circuits containing semiconductor devices
[703, £13]. Since the clectric ficld of the guide wave is approximately trans-
verse to the wave propagation direction, the fundamental modce is TE-like.
There is no cut-off frequency for this structure, since the slot scparates two
semi-infinite ground planes. Slot lines can also be included in microstrip cir-
cuits by ctching the slot circuits in the ground planc. With the slot and
microstrip combinations, many circuits have been realized; for example, hybrid
branchline directional couplers [71] and microstrip bandstop filters [16].
Other discontinuitics, such as the microstrip-slot transition for a two-level cir-
cuit design, and rcsonant slots for antenna applications, will be discussed in
Chaps. V and VII respectively. The characteristics of a slot line including its
propagation constant and characteristic impedance have been studied cxten-
sively [71] — [74]; however, analytic methods for slot line discontinuities are

-
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scarce, especially in terms of including the radiation and surface waves effects.
This slot line short-end discontinuity, as shown in Fig. 4-2, is the most com-
monly seen discontinuity in slot line circuits [74]. It can be used in the design
of matching networks, filters and couplers. Since the current will flow near the
end of the slotline, there is an apprecialble amount of energy storage beyond
the termination.  The end discontinuity will cause radiation and generates
surface waves. Without the image cancellation, energy storage and losses are
more severe than in the microstrip line case, and this end cffect has to be ac-
counted for in accurate circuit designs.

In slot line structures, the larger the effective dielectric constant, the more
the energy is confined to the vicinity of the slot. If the other side of the ground
plane is covered by a diclectric material (instcad of being free space), the cf-
fective diclectric constant of the slot line will increase. This offers the advan-
tages of shorter wavelength, greater confinement of electromagnetic ficlds, and
stronger coupling between slot line circuits [16]. The geometry of a short-end
slot line sandwich is shown in Fig. 4-3. The comparison of the end cffects in-
cluding fringing, radiation and surface waves between a slot line and a slot line
sandwich will be provided in this chapter.

The analysis of slotline discontinuitics is almost a one-to-one correspond-
ence with microstrip discontinuitics. The numerical methods discussed in the

previous chapter can be modified and applied to the slot line structure.
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4.2. Integral Equation

Since the onc layer slot line is the case of the slot line sandwich with
¢, = I, only the analysis for the latter case will be discussed. For the short-
end slot line under consideration, an integral equation can be formulated in

terms of a transverse clectric field in the slender slot, viz.,

0 w2
Hx,y,z=0") = J. J Gxy ¥Ixp o) Efxg yo)dyd xg, (4.1)
—oa Y—w[2
and
3 ] wf2
Hix.y,z=0") = j J Gy~ ylxg ) E}.(xj, v dydx, (4.2)
—o0 Y—w[2
with
H{x.y,z=0%) — H(x.nz=07)= 0 (4.3)

on the slot line, where H, is the magnetic field due to the electric field on the
slot line. The Green's function G,, can be found from Eqgs. 2.47 and 2.48 of
Chap. II, while G, due to symmetry is equal to Gy, except the sign and mate-
rial parameters. Integral equation in Eq. 4.3 can be solved by the method of
moments. This procedure is the same as that for the open-end microstrip line.
4.3. Results

From Schelkunoff’s cquivalence principle, the clectric ficld in the slot is
cquivalent to the magnetic source in the ground plane. From image theory
[61], the magnetic source and its image have the same magnitude and phase.

On the other hand, in the microstrip structure, the electric cusrent and its im-
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age arc 180¢ difference in phase. Therefore. the slot line circuits tend to radiate
morc energy than microstrip circuits.  An example of radiation and surface
wave losses at a slot line short-end in terms of total incident power versus fre-
quency for three different slot widths is shown in Fig. 4-4. [t is seen that the
energy losses increase with the increase of slot line width or frequency. This
is because, by increasing the frequency or slot width, less energy is confined
near the slot. The above discussion also explains the result in Fig. 4-5 where
it is shown that the normalized reactance duc to fringing increases with the
increase of slot width or frequency. It is seen from Fig. 4-4 that, for the
substratc with ¢, = 12, when the substrate thickness is about 0.064,, more
than 25%% of the incident power is lost at the short end for all the three slot
widths.  Fig. 4-4 provides an idea of the upper frequency where a slot line
circuit is still useful. It is also obscrved that cven for a thin substrate thickness
(0.014,), the radiation and surfacc wave losses are 5 to 10 % of the total inci-
dent power.  This is onc of the main disadvantages of this one-sided slotline
structure.

By adding a cover layer on the free-space side of the slot line, the guide
wavelength will decrease and more energy will be confined near the slot region.
This implics that the characteristic impedance will decrease. The result is, that

with a unit voltage wave incident to the slot line, the total incident power

57 will increase quite noticecably (typically, 5 to 16 %). On the other hand,
—0
for a unit voltage wave, the radiation and surface wave losses at the short end
incrcase only slightly when a layer is added. Therefore, it is expected that the

amount of the energy loss at the discontinuitics can be reduced by using a slot
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line sandwich. An example of this result is shown in Fig. 4-6. It is scen that
the radiation and surtace wave losscs are greatly reduced. It is also scen from
Fig. 4-7 that, by using the slot line sandwich, the fringing ficlds and normal-
ized recactance increase duc to the higher cffective diclectric constant and to
more energy being confined near the slot line. This implies that the coupling

between slot line circuits is enhanced.
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Chapter V
A Dynamic Model for a Microstrip-Slotline Transition

5.1 Introduction

Bascd on the approach described in the Chap. 11, a dynamic model for a
microstrip-slotline transition and its related structures (such as a microstrip fed
slot and a slotline fed printed dipole) is proposed in this chapter. The devel-
oped model, with some modifications, can be applied to other types of transi-
tions in MIC and MMIC dcesign. Some of these examples will be discussed in
the next chapter.

In a microstrip-slotline transition, a short-circuit slotline which is etched on
onc side of the substrate is crossed at a right angle by an open-circuit micro-
strip on the opposite side.  This type of trdnsition makes a two-level circuit
design possible [16]. Somce experimental work has been reported [13], [75]
and a transmission line circuit model has been described in [76]. Ia the
present approach, the radiation and surface waves due to the cross-junction,
the line discontinuitics, and all the mutual coupling duc to the dominant mode
as well as higher order modes of cach line are included in the method of mo-
ments solution. The VSWR and input impedance of the transition, can be
determined by the currcn-t distribution on the microstripline in conjunction
with transmission linc theory. In the formulation procedure, certain impor-
tant problems in MIC, MMIC or printed antennas design can also be solved.

This aspect will be discussed in Chapter VIIIL




5.2. Theory
(5.2.1) Green'’s Function Formulation.

The microstrip to slotline transition is shown in Fig. 5-1 and the cross sec-
tion is shown in Fig. 3-2, where the lincs arc extended a certain distance be-
yond the cross-junction, so that their extension may act as a tuning stub. Due
to the assumption that the strip or slot is slender, the transverse vector coms
ponents (J, and M,,) on the lines are a second order effect, and are neglected
for simplicity. Therefore, only the X-directed clectric surface current J, on the
strip and the p-directed magnetic surface current My, (x-directed electric field
E,) arc considered. Under the above assumptions, the coupled integral
cquations can be formulated in terms of E; and H,. As a result, the electric

E, at (x. vy, d) duc to the presence of both strip and slot is

E, = ” Gy Jy clsy + ”ny My s (5.1)

and the difference of the magnetic ficld H, at (x, ¥, 0*) and at (X, y, 07) is

AH, = Hayx Jods, + H Gy My s, (52)

where G,, and Gy, are the dyadic Green’s function components due to an X -
directed infinitesimal clectric dipole at z=d and G,, and G,, arc the dyadic
Green’s function components duc to a § - directed infinitesimal magnetic
dipole at z=0. J, is the current on the microstrip s, while M, is the magnetic

current (clectric ficld) on the slotline s, .
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The dyadic Green'’s function components G,,, G,,. Gy and G,, can be derived

from Eqs. 2.13-2.14 and 2.47-2.48. The results can be cxpressed as

foo oo

G, VX, ¥,) = Gl 1) %) @i =30 (53)
oo
foo [O0O0 __ i ( ) =)

Glx, ¥lxp 3,) = Gylhy Ay) e/ 5050 e/ = o), (5.4)
)

Gy, ¥lxp ¥,) = = Gyylx, yixg y,) (5.5)

and
o foo _ . s

Gt 315 1) = | [T Gl 1) 0= (5.6)
-0 OO

where

. 2 2 2 .
- . . -jZ ki — A% Az q (1 —¢,)sinh qd
G (s ,4,},) = 0 [ ] X x 11 r l

} sinh q,d,(5.7)

47!2/\'08, Df2) Df#) Dp(4)
2 .
= -1 Ax(er — 1)sinh(q,d) .
G (Ao X)) = + , 5.8)
wE 4n> [ D7) Df2) D,f2) (
= ) - 2 2, 9) cosh id + ¢,qsinh qd
G..()._,/..):———-[(kl = A3)
e 4n220k0 Y 71 Dpf4) 59)
5.
Bay(l—¢) . (k2 - 2
D) D,(A) q '
and with
Dy2) = q sinh(q,d) + ¢ cosh(qd), (3.10)




D,(%) = q, sinh(q,d) + ¢4 cosh(qd). (5.11)

Other pertinent parameters have been detined in Chap. 11

(5.2.2) The Choice of Expansion Modes.

In the method of moments procedure, J, and 1/, are expanded in terms
of a set of known functions. For the transition under consideration, the mod-
cling of two half infinitc lines is nccessary, in which several mechanisms are
possible. It subscctional expansion modecs arc used in the two finite lines with
a § gap source, in order to characterize the cross- junction of this resonator,
two sets of wave amplitudes on each line corresponding to two different length
of the parasitic line, are required. This scattering matrix formulation has been
found to be very sensitive to error. A more reliable method is to simulate the
physical situation where both the microstripline and the slotline are terminated
by a matched load. In this scheme. subscction expansion modes are used in
both lines near the cross-junction region, while entire domain travelling waves
are uscd to represent the transmitted wave in the parasitic line (slotline) and
the incident wave and the reflected wave on the feed line (microstripline).
Other choices of expansion modcs are also possible, such as using subsectional
basis functions in the feed line and subsectional modes and traveling wave
modes in the parasitic line, or the traveling wave modes starting away from the
cross-junction such that thc mutual coupling of travcling wave and PWS

modes on different lines is negligible. These types of expansion modes have
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some advantages in numerical analysis and will be discussed in the next sec-
tion.

The traveling wave modes used involve microstripline and slotline propa-
gation constants k, and k,. From the knowledge of k,, and k,, the unknown

current distribution on the microstripline can be expanded as

N
fxy = 17 1 Y 1 fx) (5.12)

n=1

while the unknown clectric field distribution in the slotlinc can be expanded

as
M
) = 1"+ ) Eugdv) (5.13)
n=1
where
jinc = o e (5.14)
IR VLT (5.15)
and
= T ek (5.16)

Piccewise sinusoidal (PWS) modes are used as subsectional expansion modes
and arc defined starting from the end of cach line. These modces were shown

in Egs. 3.6 and 3.7.
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(5.2.3) The Method of Moments and Matrix Formulation

The coupled integral cquations can be obtained from Egs. 3.1 and 5.2 by
forcing the boundary conditions that the E- ficld must be zero on the
microstripline and the H- ficld must be continuous across the slotline. When
when the expansion modes are substituted into Egs. 5.1 and 5.2 followed by

Galerkin’s procedure, onc has

l:Z.rclf 1L leclf 1L Tmeact][ Tlmcacl] Elg‘ L/ incJ

= (5.17)
[Tcmacz][ Tlemaa] L Yself ] L Ylsclf] [f'] L Vlra:I

where the submatrices are the reaction between different expansion modes,
[7] is an N x I column vector with elements /;, Jy, woeee , Iy, and [E] is an

M x 1 column vector with clements E,, E,, ..., Ey.

(5.2.4) Some Aspects of the Numerical Analysis.

The formulation in the last section is quite flexible and can be easily modi-
fied to other types of mode expansion mechanisms.  For example, the traveling
wave modes may start more than a wavelength away from the cross-junction,
which modifics the Fourier transform of the traveling wave mode in the above
formulation. This type of expansion has the advantage that the mutual cou-
pling between traveling wave modes and PWS modes of the other line (
[ Temacr] and [ Tpeae ) is negligible.  Therefore, the computation cffort in Egs.
5.17 can be reduced.  Besides, the solutions are automatically convergent in
the sensc of the number of expansion modes. Another type of expansion is also

possible where only PWS modes are used in the feed line. This has the ad-
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vantage of providing some insight into the current distribution on the feed line
and of avoiding the computations of the submatrices [ Y] and [T, in
Eq. 5.17. The above different mode expansion mechanisms may also be used

to check the convergence and stability of the solution.

5.3. Numerical results

The results for a microstrip-slotline transition have been obtained based on
the developed algorithm. The numerical analysis was performed on the IBM
3090 system. Typically, for cach data set it takes about one minute and thirty
scconds of computer time in contrast to a half sccond to obtain the propa-
gation constant k,,, although a lot of cffort has been made to reduce the com-
puter cost. An cxampic of a 50 © microstripline to a 80 Q slotline transition
is given. The results of the VSWR and input impedance arc shown in Figs.
5-3 and 5-4 respectively.  The results for the VSWR are first checked by
interchanging the feed line and parasitic line. The differences in [T} are within
2%, which is consistent with the property of low loss two port networks. The
complex reflection cocfficient that is obtained is checked further by changing
the number of modes and different mode cxpansion mechanisms as described
in the last scction, Two sets of input impedances with diffcrent numbers of
expansion modes and base function size are shown in Fig. 5-4 to illustrate a
convergence test example.  With the particular device parameters chosen it is
found that both the magnitude and phasc of the reflection cocfficient converge
very well (2 % in |I'] and 5° in phase ) for d < 0.0364,. However, for higher

frequencics, the results are more unstable, and typically the results are 5-10
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% accurate in |I'| and 10-15 degrees in phase before higher order modes turn
on. This behavior may be due to the reasons that 1), when the radiated and
surface waves aré not weakly excited, the transmission line theory applied to
the microstripline or slotline is only an approximation and the mode expansion
approach is somewhat of a brute force. 2), the transverse vector components
(J, and ) which are ncglected in the present investigation become more im-
portant as frequency increases. The VSWR obtained by the transmission line
circuit model [76] and the measurement [75] are also shown in Fig. 5-3 to
provide a comparison. In the transmission line circuit model the stub length
is assumed to be measured from the center of each linc and the propagation
constants k,, and k, and the excess length are obtained from the current anal-
ysis. It is scen from Figs. 5-3 and 5-4 that the present method agrees very well
with the circuit model in the low frequency range. The discrepancy for higher
frequencics is probably due to the higher order modes, surface waves, and ra-
diation cffects which are neglected in the circuit model. The measurements
reported in [75] show a wider bandwidth than that of cithér the circuit model
or the present analysis. It is believed that the accuracy of the device param-
cters, the non-ideal matched load and (especially), the coaxial to microstripline
transition affected the frequency-dependent results in the measurement. Be-
sides, the material used in [75] is Custom HiK 707-20 {¢, = 20) which is
usually very lossy especially for higher frequencies. These effects may explain

the discrepancy between theory and experiment.
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Chapter VI

Proximity Coupled Microstrip Transition

in Double Layer Integrated Circuits.

6.1. Introduction

Analytic and numerical methods described in the previous chapter-are ex-
tended here to study two types of proximity coupled open end microstriplines
in a double layer planar structure. These proximity coupled transitions con-
stitute potentially important components for MIC and MMIC design. Fig. 6-1
shows two semi-infinite collinear microstriplines at different levels. This type
of transition has the advantage over the end coupled lines in that the overlap
distance [, may be used to control the coupling. Also this transition provides
a widet range of coupling cocfficient with a rcasonably large bandwidth and
it therefore is useful in coupler or filter design. Fig. 6-2 shows two EMC
transverse microstriplines.  In this type of transition, an open-circuit
microstripline printed on top of the superstrate is crossed at a right angle by
another open-circuit microstriplinc embedded on the substrate. These two
lines are extended a certain distance beyond the cross-junction to provide
tuning stubs. This type of transition has the propertics of broadband and good
match duc to the presence of the double stub. The materials in the substrate-
superstrate configuration may greatly affect the coupling in the transition and

this issue has also been investigated.  In Section 6.2, the method of moments

solution of integral cquations is formulated. In Scction 111, the results
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Figure 6-1. Proximity coupled collinear microstrip-microstrip transition.
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from the numerical analysis are presented and some interesting properties of

the above-mentioned transitions are discussed.
6.2. Analysis

(6.2.1). EMC collincar microstriplines.

Integral cquations for EMC collincar microstriplines are

,
ED = Zj j Gy /s, (6.1)
j=1

where £49 is the clectric ficld at microstrip i,1 = 1 or 2. Here microstrip 1 is
at z = b while microstrip 2 is at z = h. The Green’s function Gy is E; at (X,
y) of microstrip i duc to an X dirccted dclta source at (x, y,) of microstrip j.

This Green's function has been derived in Chap. II and can be expressed as

oo oo i A= %) —jily=p
Gij _ I I D lj( A 'iy) o IAdX= X5) =iy ¥) d'ixd'{y (6.2)
—00 Y—00
where
, 2 2 2
. ~JjZy k3 — A A;
Dy dy) = ——e [ L) 4 g ) (63)

47[2/((,82 De(}') De()‘)Dm(A)

The function f; and g; can be identified from the Green's function described
in the Chap. II. Other parameters are defined in Egs. 2.20-2.31. When the
expansion modes (similar to thosc in Chaps. 11l and V) are used in Eq. 6.1,

followed by Galerkin’s procedure in the same way as described in the last
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chapter, integral equations are converted into a sct of linear equations. These

M + N +2 cquations when expressed in matrix form are

[Z:e{/', ] l:Zl.tclﬁ ] [Zceaclz] [Zleaclz] [_IllJ [/ inc, ]

= . (6.4)
CZeeact U Zicaet (Zeepd [Zesd || Y2V | | i

" The computation of each matrix clement in Eq. 6.4 requires a double infi-
nite integration where the intcgrand contains the corresponding Green'’s func-
tion D4, 4,) and the Fouricr transform of the current expansion functions.

For example [ Z,0,,] is an (N + 1) x M matrix with matrix elements

zmm = I I © Dy Ay FoAy) Fi(A) A\(dy) AxA) 65)

cos[ A (nd) + mdy — [,)] dA,. d2

x @iy

where [, is the microstrip overlap length, and all other parameters in Eq. 6.5

has been described in Chap. 1.

(6.2.2). EMC transverse microstriplines.

The analysis of EMC transverse microstriplines is almost one to one in
correspondence to the collinear case. In matrix formulation, if local coordi-
nates arc used, it can be casily shown that the self reaction in each microstrip
is identical for the collincar and transverse cases. To be more specific, the in-

tegral cquations for the transverse microstriplines arc

EY - f chxfg')d,l + ”GXJJ;Z) ds (6.6)
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and

L ”G)\Jﬁ”d + ”G JDd, (6.7)

where £ and E{? are the longitudinal clectric ficlds at microstrip 1 (at z =
b) and microstrip 2 (at z = h), respectively. The function G, equals to G,,,
while G, is the same as G,, except 4, and A, are interchanged in D,,. Other

Green'’s functions arc

~

= J- J. ny().x‘ }')’) e"'j/'-x(JC— x;) e—j;-)(}'“ys) di xd)‘y ) (6.8)
and
ny = ny (6.9)
where
- JZ - )"c’l )‘x}'yqz .
(P dy) = [ + =g AA)]. 6.10
oty = 7y ) + 3 g 1o

The mode cxpansion mechanism and the method of moments procedure follow
in the same manner as for the collinear case. The final matrix is in exactly the
same form as Eq. 6.4. The submatrices [ Z,,] , [Z,] with i = 1 or 2 and
[ mq] arc identical for the collincar and transversc cases. All other subma-
trices can be obtained in a similar way as for the longitudinal coupling case.

For example,
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o e - J‘: J: D, iy &) FiA) Fi(Ay) A1) Ax(3,)

sin[4,(nd) — lpy))] sinl4mdy — 1)) d2, di,.,

~

where [ Z,,,c, 1 is an-(M + 1) x N matrix, The parameters /,; and /,, are the ‘

stub length for microstrips 1 and 2 respectively. Sine function in Eq. 6.11 in-
stead of a cosine in EqQ. 6.5 is because the Gréen’s function in Eq. 6.11 is an

odd function of cither A, or 4.

6.3. Results

Although the impedance matrix in Eq. 6.4 looks formidable, the computa-
tion can be simplified further based on some physical insight. For example,
the Green's function and basis functions are the-same in each submatrix except
for a translation in recaction center. Thercfore in the numerical process, these
common factors nced to be computed only once. Also due to reciprocity, only
a fraction of the impedance clements neced to be computed. In the computa-
tions for the transition problem, entirc domain modes of thrce and a half
guided wavelength long and cight to thirteen PWS modcs (depending on the
overlap or stub length) arc used in cach microstripline. The convergence has
been checked for S, (I0), to within 3% in magnitude and 3¢ in phase. The
magnitude of the reflection coefficients is shown in Fig. 6-3 as a function of
overlap for the collincar transition with three types of material arrangements.
The corresponding microstrip width is chosen such that the microstrip lines
have a 50 Q characteristic impedance. For the case of a large diclectric con-

stant matcrial in the substrate and a smaller one in the superstrate, since en-

68

6.11) ~




e

Crgy is moS"il_v confined in the substrate, less power is transmitted than that of
-other types of material arrangements. This behavior is observed in Fig. 6-3.
From these two ﬁgufcs, one can see that the coupling coefficient depends on
the amount of cnergy of an embedded microstrip -stored in thg superstrate.
The relationship between overlap length and power distribution observed in
Fig. 6-3 is not obvious. It can be explained empirically as follows. The
amount of current induced in the parasitic line is mainly due to the longitudi-
nal clectric ficld gencrated by the open cnd feed line. This current varies
sinusoidally and dccrcases as the observation point moves further away from
the open end.  Thercfore, as the two microstrips arc brought closer, increased
coupling occurs, As the coupling gets sirongcr, the clectric ficld due to the
parasitic line will intecract with the feed line ficld. Since these two
microstriplines have different fundamental modes, as the overlap increases
further, the coupling starts to ’dccrcasc duc to wave destructive interference.
It is interesting to sce that with a particular overlap length, very little coupling
occurs.  This behavior is found to be related to the superstrate thickness and
diclectric constant. It is also obscrved that as the overlap gets larger, the re-
flection becomes smaller. This implics that in such a casc, the guided funda-
mental mode is more like the coupled line mode. It is further found from Fig.
6-3, that in a certain region where coupling reaches a local maximum, the
scattering matrix is insensitive to overlap length. Since the line impedance and -
cffective  diclectric constant arc also frequency insensitive, in this microstrip
transition, only the cffective overlap length will be frequency sensitive. This

implics that this transition is broadband. An example is shown in Fig. 6-4.
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Onc can sce that the scattering parameters change no more than 3% in mag-
nitude for this particular X band computation.

For the transverse microstrip transition, the matérial also has a strong effect
on the coupling mechanism, as shown in Figs. 6-5 and 6-6. The coupling be-
tween two transverse microstrips is further complicated by the presence of the
two tuning stubs. The cffect of these two stubs is very much different from
those in the microstrip-slotline transition where optimum coupling occurs when
both stubs arc about a quarter wavelength long.  For the transverse microstrip
transition, the coupling is minimum when either stub is about a quarter
wavelength and is maximum when both stubs are a half wavelength long.
This phenomenon is duc to the fact that the parasitic linc, from a circuit point
of view. is a shunt clecment to the feed line, and vice versa. Therefore, when
both stubs arc a half wavclength long, the circuit (looking from the cross
junction) is in resonance, whilc when cither stub is about a quarter wavelength
long. the circuit is in cffect shorted. For the paramcters in Fig. 6-5, the guide
wavelength for each microstrip is approximated as 4,, = 0.5474, and
iy = 05074, , whilc in Fig. 6-6, thc guide wavclength is 4,,, = 0.3214, for
microstrip | and 4,, = 0.3604, for microstrip 2. In Fig. 6-5, maximum cou-
pling occurs when both stubs [, and /,, arc about a half guide wavclength\
long. In this particular casc, one can see that the VSWR of this transition can
be as small as 1.1. Thercefore, this transition can be potentially uscful in a two
level circuit design.

To verify the analysis, a 3 inch by 3 inch circuit was built and tested for the

casc of a transversc microstrip transition. Duroid materials with permittivity
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2.2 and 10.2 werc the substrate and the superstrate respectively. The dimen-
sions of the device were chosen to be the same as thosce in Fig. 6-3 except that
stub lengths of about a half guide wavelength were used (0.75 cm and 0.81 cm
for the top and bottom microstrip respectively). The circuit was made using
a standard photo-etching technique and was measured on an HP-8510 net-
work analyzer. Both computed and measured results for VSWR are shown in
Fig. 6-7. The comparison shows good agreement. The ripple observed in the
mcasurement may be duc to an imperfect match at the coaxial-microstrip
transitions. One can observe that the VSWR is less than 1.8 from 7 to 11
GHz. Such a broadband transition would be very useful in circuit design.
This broadband property is mainly attributed to the double resonance due to
the presence of double stubs. In this investigation, 50  microstrip lines were
used. The impedance level will affect coupling in the transition. Therefore, the
results presented here may not be optimal. The choice of the impedance level

may depend upon the purpose of the circuit design.
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Chapter VII

Printed Slot Characteristics

7.1. Introduction

The printed slot antenna is a radiating element within the category of inte-
grated circuit antennas. The basic structure consists of a grounded substrate
with a slot etched in the ground planec. The geometry is shown in Fig. 7-1.
This printed slot structure has the features of producing bidircctional radiation
patterns and offering an additional degree of freedom when combined with
microstrip dipoles or patches [79] . The combination of printed slots and
dipoles also enables the realization of circularly polarized radiation patterns
[55]. In this chapter, some characteristics of printed slot antennas, such as
efficicncy. power distribution in each region. and the effects of materials are
studicd. In Scction I, Green’s function of an infinitesimally small magnctic
dipole in the ground planc is used to study the material effects on the radiated
power in cither side of the ground planc and the surface wave power in the
substrate. In Scction 111, substrate effects on the resonant length and the input
admittance of a center-fed printed slot are investigated through a method of

moments solution of a magnetic-type integral cquation.

7.2. Substrate Effects on Printed Slot Properties
The slot antenna gcometry undcr consideration is shown in Fig. 7-2. The
problem consists in its simplest forms of an X- dirccted infinitesimal magnetic

dipole skintight against the ground plane. The clectromagnetic fields of this
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Figure 7-2. A Hertzian magnetic dipole in the ground plane.
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Figure 7-1. A basic printed slot structure.
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geometry follow from the derivation of the Green function presented in Chap.
11 and can be described in term of a Sommerfeld-type [62] integral.

The radiating and surface waves of interest here are the electromagnetic
waves in the far zone, where radiating ficlds arce spherical waves with
R = p* + z* — oo, and where surface waves are cylindrical waves with
p — oo. The radiating ficlds can-be obtaincd by the mcthod of steepest descent
[80]: while the surface waves can be found by applying the i{csiduc and
Cauchy Ricmann theorems [80]. The final results for the far zone radiating

ficlds can be summarized as

2 .
E g sin ¢ cos k3 1 ___ e FaR (7.1)
= — jou s s 0k , .
0= —S% 0D (kysin0) R
. . e JkoR
Ey = — jopycos ¢ cos Ok M(k sin 6) s (7.2)

2'1,2 241 - nlz) sinh q\b

M(A = kysin0) = cos 0k, - , 7.3
= fosn® = e ® T T D 7
E
_ (]
Hy = 300 (7.4)
and
Ey
H¢ ~ T20m (7.3)

The radiating power above the substrate P, is
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fl’:JﬂlZ | Ey l2 + | E¢ |2

2 ..
S R’ sin 6 dddp. (7.6)

The ¢ integration is carricd out analytically while 8 is computed numerically.

It can be shown by reciprocity that each surface wave mode propagates in-

dependently [49]. The surface wave modes propagate along the diclectric

surface and dccay exponcentially toward free space. For the TM surface wave
modes (transverse to z), the total surface wave power Py, is the sum of the

surface wave power in region 0, (Pry,) and in region 1, (Pry,) where

n “#0 2n{) o k§
: Z Dy T
R
LA AT 2k hyf2) A ,[sinh(zq,b) ,,]
P. . =T creve—— l > - I- + - (7'8)
and
hd4) = q) coshqh + &,q sinhq;b. (7.9)

For the TE surface wave modcs, the total surfacc wave power Prg is the sum

of surface wave power in region 0, (Py), and in region 1, (Prg ), Where

nzw;to Z | 22(1 - n,z)sinh qb 124
D,{2) D’ (A) 7

Py = (7.10)

and
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o 2/.3k, (1 —ny) 12

Prpy = __ (7.11)
TF1 24 7 q, D,{A)D’ {2)

p  sinh(2g,b)
3- . 4(]1 )

The total surface wave power, P, is the sum of Pry, and Prz. The power in
the free-space side of the ground planc, P, can be obtained from the expression

in Eq. 7.3 as a special casc
K3
0 2

Py = —;(IIOn) . (7.12)

For printed slot antennas, it is important to know how the radiated powers
on cither side of the ground plane, and the power losses duc to surface waves
are affected by the substrate thickness, permittivity and;or permeability. The
radiation cfficicncy in the upper half of the ground plance (z = 0) is defined as

the ratio of radiated power to total power, i.c

Pa (7.13)
€ = —————— .
! P, + P,

The powers P, P, and P,,as a function of the substratc thickness with
£, = 4 and g, = 1 arc shown in Fig. 7-3, wherc cach power componcent has
been normalized to P,. It is scen that, as substrate thickness increases from
zcro, both P, and P,,, increcasc. The radiated power rcaches a maximum when
the first TE surface wave modc turns on. When the substrate thickness in-
creascs further, both P, and P, dccrcasc until the next surface wave mode
ncarly turns on. The local maximum of radiated power is due to the fact that

when a surface wave mode turns on, there is a considerable amount of power
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radiating along the horizon [53]. The oscillatory behavior of the surface wave
variation with substrate thickness can be explained in terms of ray optics
[57] and is mainly due to the constructive and destructive interference of
wavefronts when rays bounce back and forth inside the substrate. In Fig. 7-4,
the power distribution versus substrate thickness for ¢, = 12.5and g, = 1is
shown. By comparing Fig. 7-3 and Fig. 7-4, onc can scc that, for a larger
substrate permittivity, higher order surface wave modes turn on at smaller
substrate thickness. It is also obscrved that materials with larger permittivity
can support more surface wave power and allow more radiation. The results
show that cven though both radiated and surface wave power in the region
z > 0 incrcase with the increase of substrate permittivity, the increase of the
surface wave power is morc marked. The power distribution versus substrate
thickness for a magnetic material ¢ = 1 and g, = 4 is shown in Fig. 7-5. Tt
is obscrved that for a magnetic substrate P, is greater than P,. Gencrally
speaking, in printed slot structures, more power radiates in the substrate side
of the ground planc (P,) than that in the free spacc side (P,), when the
substrate is a diclectric; while the reverse is true for a magnetic material. It
is also observed that the surfacc wave power for magnetic materials, in con-
trast to diclectric materials, increases even after the first TE surface wave
modc turns on. The radiation cfficicncy versus substrate thickness is shown in
Fig. 7-6. For a magnctic matcrial, with a small substrate thickness, surface
wave power incrcases and radiated p(;wcr decreases with the increase of
substrate thickness. Thercfore, it is seen from Fig. 7-6 that efficiency decreases

drastically versus substrate-thickness for a thin substrate of magnetic material.
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For g, = 4.¢ = 1, less than 20% efficiency is observed when the substrate

thickness is-only 0.1 4, .

7.3. A Center-fed Printed Slot

A printed slot, center-fed by an ideal d-gap source, is considered in this
scction. The geometry is shown in Fig. 7-7. A method of moments solution
of integral equation is used here to study the characteristics of a slender rec-
tangular slot. The procedure described in Chap. V for the slot can be used to

obtain the following linear simultancous cquations:
(Yol = 1. (7.14)

where . 15, - ..., ¥y are the amplitudes of the expansion functions. Sup-

posc that an odd N is used, then for a center-fed slot,
Ivepz = -1 (7.15)

and I, = 0 for k # (N + 1)/2. The matrix clements Y,,, can be formulated as

y _ o ffoo 5 ’() p! )JZ L 2) Km—n)/'._‘d ) ) 7.16
= Ay A) JA0[2) Af(A,) @ dAy dA,, (7.16)
—0 =00
where
2 2 2 2 2
= 2 | kA ql —e My kj-4Ay
G (A1) = == Xr(2) + x|, 717
it 2y) rm[ N R WAV Y B (7.17)
S ) = cosh b + e,-‘%-sinh ab. (7.18)
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and 4,(2,) is the Fourier transform of the PWS expansion mode. The method
of computing Eq. 7.16 has been discusscd in the previous chapters. The input
admittance is defined as

Yin - Gj +ij= —17-'—'_'.
(N+1)2

- (7.19)

Bascd on the above analysis, the input admittance of a center-fed slot is
examined as a function of various structure paramcters. In Fig. 7-8, the input
admittancc versus slot length is shown with two different material
permittivitics. It is observed from Fig. 7-8 that when the permittivity in-
creases. the slot resonant length decreases and resonant resistance increases.

The center-fed slot bandwidth (BW) can be defined [46] as

g = L 25 (7.20)
Lr .f.@.)
dL L,

It is found from Fig. 7-8 that with b = 0.024, and w = 0.014, , when ¢, in-
creases from 2.2 to 5.0, the bandwidth (BW) decreases from 21.5% to 13.2%.
The input admittance versus slot length with two different substraic thickness
is shown in Fig. 7-9. It is obscrved that increase of the substrate thickness
decreascs the resonant length, the resonant resistance and the bandwidth. The
cffect of slot width on the input admittance is shown in Fig. 7-10. It is found
that the increasc of slot width causes the slot resonant length and resonant re-

sistance to decrease and the bandwidth to increase.
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Chapter VIII

Printed Antenna Feeding Structures

8.1. Introduction

The design of feeding structures is one of the most important parts in the
dcsigh of printed circuit antennas. Since the geometry of printed circuit an-
tennas involves grounded substrates, the design of feeding networ-ks usually
requires integrated circuit technology. For monolithic phased array applica-
tions, the transition from feeding networks to radiating clements is the key to
the success of the design. Classical feeds of printed circuit antennas contain
cither a microstrip transmission linc in physical contact with the radiating ele-
ments or a coaxial line penetrating through the ground planc [81],[28]. In
the former casc, feed and antenna together form a resonator.  Due to the high
Q of this type of resonator, the bandwidth is very narrow. Undesired spurious
radiation at the microstrip-antenna junction may also be a scrious problem.
The probe fed microstrip antenna is not suitable for millimeter wave or
monolithic applications mainly due to the presence of the probe.

To overcome the disadvantages of classical feeds, a new feed-antenna ar-
rangement  using  clectromagnetic coupling (EMC) has been  proposed
[81],[56]. In this type of structure, there is no physical connection between
feed lines and radiating clements.  The microstrip line can be very close to:the
ground planc to reduce spurious radiation and the antenna is away for the
ground planc to incrcasc the bandwidth. GaAs substrate (¢, = 12.8) is very

suitable for active devices, but its diclectric constant is too high for radiating
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clements when efficiency and bandwidth are considered. EMC antenna

. structures arc exccllent for these monolithic phased array applications, where

active devices can be printed on a GaAs substrate and antennas on a low
permittivity superstrate. The architectures using EMC antennas in layered
configurations scem to be the ultimate choice for monolithic phased arrays.
The EMC collincar dipole has been extensively studicd in the past few years
[59].[601,[421,[43] . In this chapter, four EMC antenna feeding struc-
tures arc discussed. Thesc include a microstrip fed slot, a slotline fed dipole,
an EMC transverse dipole and a microstrip fed slot coupled dipole. These
structurcs have the common feature that a string of the antenna clement above
a common feed line becomes a lincar array. The analyses discussed in Chaps.
V and VI may also be used to study the printed circuit antenna structurcs.
The features of the four feeding structures together with numerical results will

be discussed in Scctions 8.2-8.5.

8.2. A Microstrip Fed Slot

The radiation characteristics of a printed slot antenna were discussed in the
last chapter.  The features of the slot antenna as compared to the strip dipolcs
arc that it is broadband and gives bidircctional radiation. A simple way to
design its feeding structure is to use a microstrip line electromagnetically cou-
pled to the transverse slot, as shown in Fig. 8-1. The analysis of this structure
has been reported using an equivalent circuit model [82] , a waveguide model
[83], and via reciprocity [84]. However up to now there arc no rigorous re-

sults available. In this scction, a rigorous result based on solving an exact
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integral equation by the method of moments is presented. The equivalent
circuit of a slender rectangular slot perpendicular to the microstrip is a series
element. In order to understand the property of the slot, the equivalent circuit
as a function of various device parameters should be investigated. The nor-
maliz:d equivalent resistance and reactance as a function of slot length are
shown in Figs. 8-2 and 8-3 respectively, for two diffecrent substrate diclectric
constants. It is observed that for a fixed substrate thickness, the resonant
length decrcases and maximum coupling (resonant resistance) increases with
the increase of the substrate permittivity.  These phenomena are due to the
fact that the increasc of substrate permittivity will decrease the effective
substrate thickness (cffective distance between microstrip and slot) and de-
creasc the effective length of the structure; as a result, the resonant length de-
creases and maximum coupling increases. It is also scen that for smaller
substratc permittivity, the cquivalent circuit is less sensitive to the change of
the structure parameters.

Fig. 8-4 shows the Smith chart plot of the cquivalent impedance of the slot
as a function of offsct (8) for three different slot lengths.  The offset § is de-
fincd as the distance between the center of the slot and the center of the
microstrip linc. It is observed that the coupling between the slot and the
microstrip linc decreases monotonically as offset increases. It is interesting to
sce that, for small offsct, the impedance is insensitive to the offset change.
This implics that the alignment between the slot and the microstrip line is less
critical than for EMC dipoles [60], where the offsct control is very important

to the accuracy of a design.




microstrip

i

ground plane

Figure 8-1. A microstrip fed slot.
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The input impedance of a stub-tuned slot obtained from information above
the reflection cocfficient in the microstrip line is shown in Fig. 8-5 as a func-
tion of frequency. It is scen that the bandwidth is mainly determined by the
tuning stub since the resistance is quite insensitive to the frequency. There-
fore, to increase the bandwidth, the stub length should be chosen such that at
the resonant frequency the change of stub impedance with frequency is as
small as possible. Another way to increase bandwidth is to control the device
paramecters such that resonance occurs even without the tuning stub. Fig. 8-5
shows a typical example for this design where the bandwidth is 6% with a stub

length =~ 0.024,. The bandwidth will also increase if the slot width is enlarged.

8.3. A Slot Linc Fed Dipole

A ncw feeding structure for printed dipole antennas is shown in Fig. 8-6,
where a slot linc is ctched in the ground plane, and cxcites a printed dipole
through proximity coupling. In order that the slot line be an effective
waveguiding structure, the suhstrate permittivity should be large (>10) to
confinc energy along the slot.  The equivalent circuit of the dipole seen by the
slot lin¢ is a shunt clement.  An example of this result as a function of dipole
length with GaAs substrate (¢, = 12.8) is shown in Fig. 8-7. It is observed
that the admittance changes more quickly with antcnna length than for printed
slots. The cquivalent admittance of a dipole as a function of frequecy is shown
in Fig. 8-8 for a substrate with ¢, = 12. It is observed that the admittance
changes drastically for a small change of frequency. This antenna structure is

inherently narrow band. Another problem is that the cfficicncy of the antenna
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Figure 8-6. A slot line fed printed dipole.
Dipole length: L.
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Figure 8-7. Normalized admittance of a slol line fed dipole
versus dipole length. €, = 12.8, & = 0.024, w, = 0.01Ag and w, = A,
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is small for a large substrate permittivity. To overcome these disadvantages,
dipoles can be printed in a low permittivity substrate and at the same time a
high permittivity substrate can be used on the other side of the ground plane
to confinc energy ncar the slot line. This type of slot line sandwich structure
has been discussed in Chap. 1V. Another advantage of this structure is that,
for monolithic applications, active devices can be made on a GaAs substrate
and isolated from the antenna elements by a ground plane. This type of ar-
chitecture can reduce spurious radiation due to active devices. An example of
the results of the equivalent admittance of a dipole in a two-side slot line
structure is shown in Fig. 8-9. The results are for thc case when the dipole is
printed on the substrate with ¢, = 2.54, while the other substrate is &, = 12.
From the results in Figs. $-8 and 8-9, it is secn that bandwidth is indeed im-
proved by using a slotlinc sandwich. It should also be mentioned that the ra-
diation and surfacc wave losscs duc to the feedline may also be reduced by

using a slot linc sandwich.

8.4. An EMC Transverse Dipole

A dipole that is clectromagnetically coupled to microstrip, but oriented
transverse to the microstrip, as shown in Fig. 8-10, is one of the printed an-
tenna feeding structurcs proposed by Oltman [56]. One of the features of this
EMC transverse dipole is the light coupling between the dipole and the
microstrip linc. Thercfore, it is fairly well suited for radiating element in large
antenna array. A thcoreiical and experimental investigation of this EMC

transverse dipole has been reported in [77].
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Figure 8-10. The electromagnetically coupled transverse dipole.
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In the next chapter, array designs of this antenna architecture will be dis-
cussed. In order to check the analysis of this work, the result of the present
analysis is compared against the experimental results presented in [77]. The
comparison is shown in Fig. 8-11. It is found that thc agreement is quite

satisfactory.

8.5. A Microstrip Fed Slot Coupled Dipole

A common problem for the antenna architectures discussed in the last few
scctions is that the feed line and radiating clements are on the same side of the
ground plane, and spurious radiation duc to the transmission linc can not be
climinated completely.  In millimeter wave applications, feed line radiation
may causc scvere cross polarization. A nice way to alleviate this difficulty is
to usc a two-sided structure, as shown in Fig. 8-12, where any radiation due
to the feeding network and active devices is isolated from the antenna by a
ground planc [85],[86]. The dipolc is actually fed by a secondary source,
namely a slot in the ground plane. This type of aperture-coupled antenna
architecture scems to be a promising candidate in millimeter wave monolithic
phascd array applications. Since thc combination of a slot and a dipole pro-
vides sufficient degrees of freedom, the dipole is centered to the slot and the
slot is centered to the microstrip line.  Also, since the main radiation comes
from the dipole, the slot length can be choscn far below its resonant length.
The cquivalent circuit of a slot coupled dipole seen by the microstrip line is a
scrics clement.  An example of this cquivalent circuit as a function of dipole

len